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ABSTRACT

This thesis presents two hardware options to help solve the problem of spectrum saturation

in wireless communications from 2014 to 2018. Both options require the operation of a

Radio Frequency Integrated Circuits (RFIC) front-end in wide frequency ranges. The

design environment for this thesis is an RFIC and several amplifiers have been developed

to be used in RFIC front-end solutions.

The first part is to use the wideband cognitive radio concept and go to as low as tens of

MHz up to 3 GHz, where part of the sub-1 GHz band was historically used for analog TV

broadcast and now it is becoming free due to its shutdown and the rise of digital TV. The

second part moves the amplifier frequency band to millimeter wave frequencies, starting

at 28 GHz up to 30 GHz, and take advantage of the very large bandwidth to accommodate

more users and also benefit from higher speeds. Besides, due to the 5th generation of

telecommunications (5G) being expected to operate using IoT concepts, this amplifier

was designed to be bi-directional, which could be used in IoT wireless repeaters for indoor

applications.

The amplifiers designed for the sub-3 GHz band focused on being low noise, which makes

them all part of the Low Noise Amplifiers (LNA) category, and having an additional pa-

rameter optimized such as linearity, power dissipation, voltage supply or include ESD

protection. All LNAs are wideband, inductorless, provide single-to-differential conver-

sion and they were designed using commercial 130 nm CMOS technologies from two

different foundries. The sub-1 GHz band, within the 3GHz range, complies with the

IEEE 802.22 standard for wideband radio applications. For post-layout simulation re-

sults, the lowest voltage supply for one of the LNA is 450 mV dissipating only 2mW of

power, the lowest Noise Figure (NF) for another LNA developed is 2 dB and the highest

IIP3 was +10.8 dBm for the one focusing on linearity. The widest bandwidth achieved

was in a 2-decades LNA design from 15 MHz to 1.5 GHz, including ESD protection on

the I/O ports. The high linearity wideband LNA was measured and the results present a

good compliance with the simulations.

A general systematic methodology to design a wideband LNA noise canceling topology

focusing in optimizing a specific parameter (bandwidth, noise figure, IIP3, power dissi-

pation, etc) was developed. In total, 6 wideband LNA topologies were designed and were

used to exemplify the methodology. The RFIC amplifier designed for the 28-30 GHz fre-

quency band focused on being bi-directional, which makes it promising for applications



such as wireless repeaters for the upcoming 5G systems. This amplifier was designed us-

ing a different CMOS 130 nm technology than the previous wideband LNAs and it is com-

posed by two active quasi-circulators containing a total of 8 millimeter wave transformers

on chip in an area smaller than 1 mm2. A new topology for an active quasi-circulator was

proposed and it was used as a building block for the bi-directional amplifier (BDA). The

post-layout S-parameters for the whole BDA chip top level resulted in S11=S22< -11 dB,

S21=S12= 5-6 dB.

Keywords: Radio frequency. integrated Circuit. wideband. LNA. circulator. bi-directional.

millimeter wave. 5G.



Projeto de Amplificadores de RF CMOS Integrados para Aplicações de Banda

Larga sub-3 GHz e Ondas Milimétricas de 28-30 GHz

RESUMO

Esta tese apresenta duas opções de hardware para ajudar a resolver o problema de satura-

ção de espectro nas comunicações sem fio de 2014 até 2018. Ambas opções requerem a

operação do “front-end” de Circuitos Integrados de Rádio Frequência (RFIC em inglês)

em bandas largas de frequência. O ambiente de projeto para esta tese é o RFIC e vá-

rios amplificadores foram desenvolvidos para serem utilizados em soluções de front-end

RFIC.

A primeira parte desta tese usa o conceito de radio cognitivo banda larga e vai para

frequências tão baixas quanto dezenas de MHz até 3 GHz, onde parte da banda abaixo

de 1 GHz foi historicamente utilizada para a transmissão de TV analógica que agora está

sendo liberada por causa do seu desligamento e o surgimento da TV digital. A segunda

parte move a banda de frequências do amplificador para frequências de ondas milimétri-

cas, começando em 28 GHz até 30 GHz, e tira vantagem da larga banda para acomodar

mais usuários e também se beneficiar de altas velocidades. Além disso, como a expecta-

tiva de que a 5a geração de telecomunicações opere utilizando conceitos de Internet das

Coisas (IoT em inglês), este amplificador foi projetado para ser bi-direcional, o que pode

ser utilizado para aplicações de repetidores sem fio para IoT em ambientes fechados.

Os amplificadores projetados para a banda abaixo de 3 GHz focaram em ser de baixo

ruído, o que os torna parte da categoria de Amplificadores de Baixo Ruído (LNA em

inglês), e tendo um parâmetro adicional otimizado como linearidade, dissipação de po-

tência, tensão de alimentação ou incluir proteção ESD. Todos os LNAs são banda larga,

sem indutores, entregam conversão simples para diferencial, e eles foram projetados uti-

lizando tecnologia 130 nm CMOS de duas fábricas diferentes. A banda abaixo de 1 GHz,

dentro da faixa de 3 GHz, está de acordo com a banda do padrão IEEE 802.22 para apli-

cações de rádio banda larga. Considerando resultados de simulações pós-layout, a tensão

de alimentação mais baixa utilizada para um dos LNAs foi 450 mV, dissipando somente

2 mW de potência, a menor figura de ruído para outro LNA desenvolvido foi 2 dB e o

maior IIP3 foi +10.8 dBm para o que focou em linearidade. A banda mais larga atingida

foi de 2 décadas em um LNA de 15 MHz até 1.5 GHz, incluindo proteção ESD para as

portas de I/O. O LNA de mais alta linearidade foi medido e os resultados apresentaram



boa conformidade com as simulações.

Uma metodologia de projeto sistemática geral para o projeto de um LNA com topologia

de cancelamento de ruído focando em otimizar um parâmetro específico de performance

(banda, figura de ruído, IIP3, dissipação de potência, etc) foi desenvolvido. No total, 6

topologias de LNA banda larga foram desenvolvidas para exemplificar a metodologia. O

amplificador RFIC projetado para a banda de 28-30 GHz focou em ser bi-direcional, o que

o torna promissor para aplicações como repetidores sem fio para sistemas 5G. Este am-

plificador foi projetado utilizando tecnologia CMOS 130 nm diferente dos outros LNAs

projetados nesta tese e ele é composto de dois quasi-circuladores ativos contendo um to-

tal de 8 transformadores para ondas milimétricas em uma área de chip de apenas 1 mm2.

Uma nova topologia para um quasi-circulador ativo foi proposta e ela foi utilizada como

bloco básico para o amplificador bi-direcional (BDA em inglês). Os resultados de parâ-

metros S na simulação pós-layout do chip inteiro foi de S11=S22< -11 dB, S21=S12= 5-6

dB.

Palavras-chave: rádio frequência, circuito integrado, banda larga, LNA, circulador, bi-

direcional, ondas milimétricas, 5G.
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1 INTRODUCTION

In this chapter, three topics are discussed: the wireless communications and the

challenges to design amplifiers for cognitive radio RF front-ends and millimeter wave

applications.

The basic RF circuit design fundamentals and system level considerations are in-

cluded in Appendix A. These are the basic concepts required to understand this thesis.

1.1 Wireless Communications

The consumer market of mobile electronics has experienced a fast growth in the

number of users globally. A study published by (COMSCORE, 2014) showed that the

number of global mobile users has surpassed the number of desktop users (Fig. 1.1).

The most recent study from (COMSCORE, 2018) shows that mobile users consume more

than twice the minutes of desktop users, as shown in Fig. 1.1. The popularization of high

quality videos being broadcast through the Internet to mobile devices in social networks

websites and multiple data transfers with big size files demanded a higher and higher

bandwidth per user which contributed to the spectrum saturation problem discussed in the

next sub-section.

Figure 1.1: COMSCORE statistics in 2014 (left) and 2018 (right). Source: (COM-
SCORE, 2014) and (COMSCORE, 2018).

All modern electronic devices found at home such as TVs, mobile phones, laptops,

headphones, speakers and even kitchen appliances and cars have the option to become

wireless and connected either to a local area network (LAN) or to the Internet. In 2014,

this was starting to get strong with the Internet of Things (IoT), as shown by (SACHS,
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2014) in Fig. 1.2. The 5th generation of wireless communications (5G) concept has been

developed aiming at supplying the IoT with a network solution that would allow many

devices to be connected to each other and to the Internet in a diverse application scenario.

The concept of smart city is being progressively employed bringing more digital

communication challenges. It is an intelligent city with distributed sensors to monitor and

control public electrical devices, which would also be included in the IoT concept. This

diversification and popularization of wireless devices naturally stimulated the research

and development of wireless communications in general.

Figure 1.2: The landscape of the IoT scenario. Source: (SACHS, 2014).

1.1.1 The Spectrum Saturation Problem

The massive use of wireless devices gave rise to problems like spectrum saturation,

as more and more users that demanded more and more bandwidth individually were to

share the same finite frequency bandwidth. Some parts of the spectrum were already in

its limits of saturation such as the Global System for Mobile Communication (GSM) in

crowded urban areas. This spectrum saturation problem motivated the research of novel

strategies to improve the spectrum sharing capabilities of wireless communications and

the cognitive radio concept was very promising since it operates as a dynamic radio that

monitors the spectrum for free (white) spaces or (gray) spaces that are unused or have

less intermodulation degradation, respectively. A study has been published by Ericsson

in 2014 showing the growth of the number of users as shown in Fig. 1.3.
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Figure 1.3: The forecast for the growth of number of users by region in the world. Source:
(ERICSSON, 2014).

1.1.2 The Power Dissipation Problem

In parallel with the spectrum saturation problem there is the power dissipation

problem in wireless devices. Many consumer electronic wireless devices are battery

powered. In the recent years, the smart wireless devices have become the hot spot in

the consumer electronics industry. These are complex electronic devices, for example,

smart watches, smart TVs, smart cars, smart kitchens and smartphones to name a few.

The smartphone, specifically, comes with many functionalities such as high performance

games, internet streaming services, mobile communications such as GSM (2G) and Wide-

band Code-Division-Multiple-Access - WCDMA (3G), Wireless LAN (WLAN), short

range communications such as bluetooth, high speed mobile communications such as

LTE (4G), a full HD (16:9) screen with high density of pixels (such as 450 dpi), and many

others. Such a complex device has the multiple radio front-end interfaces, with their many

frequency bands of operation as the bottleneck for the battery life. One reason for this is

the 3G signal monitoring that keeps the radio active and checking the signal strength at

all times. The screen comes in second in the list of power hungry functions of the smart-

phone. Depending on the smartphone type (screen size and brightness essentially), the

screen can be the first in power dissipation for the smartphone. Fig. 1.4 shows the power

dissipation in a smartphone operating with the GSM standard, published by the University

of California (MALONEY; BOCI, 2012). Nowadays, the WCDMA and LTE radio inter-

faces (especially named as RF front-ends) are the most power hungry portions of modern

smartphones. Additionally, a considerable fraction of battery current drain results also
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from big and bright screen operation in the smartphones.

Figure 1.4: Power dissipation in smartphones. Source: (MALONEY; BOCI, 2012).

1.1.3 Cognitive Radios

One solution towards a better spectrum utilization efficiency is the Cognitive Ra-

dio (CR) concept, (MITOLA; MAGUIRE G.Q., 1999; HAYKIN, 2005). In short, a CR

is an intelligent radio capable of deciding for itself to change its frequency band based on

spectrum activity monitoring. Which means, the radio has a dynamic frequency of oper-

ation, optimized for having a better signal quality. This is possible since it has a sensing

mode, where it looks for non-used spaces in the spectrum with lower interference from

blockers. The idea is illustrated in Fig. 1.5.

Figure 1.5: Cognitive Radio concept. Source: (PATIL, 2017).

The development of networks such as Regional Area network (RAN) which could

cover rural areas. The wireless RAN would benefit from the use of a wideband radio
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which in turn would benefit directly from relaxed linearity specifications, since it is not a

crowded area. The linearity specification in a wideband radio is the most challenging to

meet, making it better to start the cognitive wideband radio in uncrowded areas. After the

IEEE 802.22 standard was released, its commercial adoption did not gain traction. Many

technical developments followed to comply with cognitive wideband radios utilization.

The fact today is that that standard attracts no interest from wireless service providers.

The IEEE 802.22 standard was released and being developed from 2010-2014 to

comply with cognitive wideband radios utilization.

1.1.4 Millimeter Waves

With the rise of IoT and the spectrum saturation problem, the inclusion of lower

frequency bands such as sub-1 GHz could not be enough, since the demand for more

users and bandwidth per user was increasing. The 5G came to provide both the versatility

required for the IoT to operate and to solve the spectrum saturation problem, since it was

sitting in a much larger bandwidth starting at 28-30 GHz up to 300 GHz. The millimeter

waves are called that way because their wavelengths are of the order of millimeters. As

the wave speed is given by: v = λ ∗ f , where λ is the wavelength and f is the frequency,

for 30 GHz, the wavelength is 10 mm at the speed of light in free space. One draw back

of operating at such high frequencies is the signal low capability to go through physical

obstacles such as walls, requiring line of sight. This could be solved by spreading around

many small transceivers and repeaters all around the 5G cover areas. Fig. 1.6 shows the

expected 5G scenario and Fig. 1.7 shows an indoor application where the presence of a

wireless repeater is crucial to guarantee the signal propagation where it’s desired.

In indoor environments, a bi-directional amplifier fits well inside a repeater. Thus,

to extend a base station’s coverage to ‘dark’, or unreached locations, in an office building

or a city street, a compact, low-cost two-way repeater can be a solution. Implementing a

bi-directional amplifier (BDA) in an integrated circuit could save area on a Printed Circuit

Board (PCB) and also reduce the overall cost of the repeater.
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Figure 1.6: 5th generation of telecommunications scenario. Source: (SAMUYLOV,
2017)

Figure 1.7: An indoor application scenario for wireless repeaters. Source: the author.

1.2 Challenges in Wideband CMOS RFIC Design

The implementation of a radio which operates in many different frequency bands is

still done by means of designing a complete front-end (LNA + Mixer) for each frequency

band, operating all of them in parallel and using filters with switches to change from

one band to another. Some may also operate with more than one active band at a time.

The idea is illustrated in Fig. 1.8 implemented by (CAFARO et al., 2007). This strategy

multiplies the power dissipation of the radio by the number of frequency bands it is using,

i.e., in a four-band device it is going to have four radio front-ends consuming 4 times more
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power than it would in a single-band device. If the target is to reduce power dissipation,

the best choice would be to use a single radio that could handle all the frequency bands

on its own.

Figure 1.8: Multi-narrow band radio. Source: (CAFARO et al., 2007).

The challenge now is to design a single radio front-end capable of receiving all

signals from different bands at the same time, but demodulating one at a time, without

degrading the Signal-to-Noise Ratio (SNR) of each demodulated signal as shown in Fig.

1.9 published by (NGUYEN; VILLAIN; GUILLOU, 2012). That could be possible with

a wideband front-end, however, the specifications for its design is hard to meet. This

is due to the increased number and power of blockers coming along with the desired

signal in a very broadband operation. From the circuit design perspective, there is a trade-

off on the minimum NF and the maximum third-order intercept point (IP3) that can be

achieved for the radio front-end. Which means, there is a need in research in the radio

circuit design field in order to break this trade-off or at least weaken it with more degrees

of freedom. Fortunately, there has been a massive development in research targeting

wideband operation in the recent years.

Another strategy to reduce the power dissipation in a radio front-end is to reduce its

voltage supply. This is something that the radio circuit designers have avoided for many

years due to the hard degradation of the radio performance. In modern single standard

radios, the electrical current consumption of a front-end receiver used to be in the order of

milliamperes. In the wideband radios front-ends that have come up from research around

the world the current consumption is around 30 mA. This shows that there is room for

research to reduce power dissipation even more. The ideal situation would be to have

a wideband radio that could handle many standards and consuming the same or lower

electrical current as the single standard radio. This could be achieved with the power
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Figure 1.9: Wideband transceiver. Source: (NGUYEN; VILLAIN; GUILLOU, 2012).

supply voltage reduction.

Decreasing the power supply voltage has many degradations in the radio perfor-

mance. The low voltage supply implies in a limited gain for cascaded circuit blocks of the

radio receiver and also the bias of the transistors start to reach a more non-linear region

of operation as it goes towards weak inversion. This translates into a worse IIP3 for the

whole receiver chain. However, when going towards weak inversion, there is an IIP3 peak

in moderate inversion that can be used as a solution to the low voltage supply problem.

Fig. 1.10 published by (TOOLE; PLETT; CLOUTIER, 2004) shows this behavior. Thus,

depending on how low is the voltage supply and the technology node of the CMOS pro-

cess, it can be possible to keep the transistor at moderate inversion for the low voltage

supply operation condition. The reduction in the supply voltage also makes the cascode

amplifier topology prohibitive, which also causes a gain limitation. The gain limitation

together with the increased noise generated by the transistors working at low inversion

levels produces a worse noise figure. Thus, there is a demand for research in the circuit

design field, in order to create new circuit topologies that can handle a low-voltage power

supply and wideband operation.

Given all these challenges in designing a wideband radio, this work focused in

developing many different wideband LNAs (WBLNA) that can be used to solve a specific

problem, such as linearity, power dissipation, noise figure or larger bandwidth. The trade-

offs in achieving a solution to incorporate them all is also presented.

This work also presents the design of a wideband radio receiver operating under

an ultra-low voltage power supply of 0.6 V which incorporates one low power WBLNA

to demonstrate one system level that it would fit and the challenges associated with it.

The term “Ultra-Low Voltage (ULV)” is refered to RF circuits only. This ULV term has
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Figure 1.10: The IP3 peak at moderate inversion as it gets worge towards weak inversion.
Source: (TOOLE; PLETT; CLOUTIER, 2004).

been used before by (BALANKUTTY; KINGET, 2011) for RF circuits operating around

0.6 V of voltage supply. The system level design of the receiver is presented with system

level simulation results obtained from Keysight ADS simulator and the LNA design with

extracted layout simulation results from Cadence tools.

1.3 Challenges in Millimeter Wave CMOS IC Design

The first specification to look at when designing an IC amplifier is the transistor

transition frequency, FT . This frequency is the one where the transistor intrinsic current

gain falls to unity. Thus, the process design kit (PDK) choice heavily impacts on the

amplifier design, since the fundamental parameters as gain and noise figure are directly

affected by the FT . There are design options to make it possible to work near the transistor

FT , which is to use gain boosting techniques, such as cascode configurations, high output

impedance, inductive peaking, among others. However, in millimeter wave IC design,

the output is usually matched to a low impedance such as 50 Ω for the maximum power

transfer, which makes the inductive peaking the most suited solution when working near

the transistor FT .

The IC design is also challenging because of the physical dimensions for signal

propagation within the IC. For the lumped circuits model to be valid, the physical dimen-

sions of the signal propagation, ’d’, has to be much less than the wavelength, λ, of the

signal: d << λ. For 30 GHz, the wavelength is 10 mm at the speed of light in free space,
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which is about 1 or 2 orders of magnitude higher than most of the traces inside the chip.

For a 1 mm2 chip, it is approaching the lumped circuit model limits and an Electromag-

netic (EM) simulation is required for the longest traces to make sure that the signal is

not killed by multiple reflections. Once the signal reaches the core of the chip where the

transistors are, the physical dimensions are of the order of 10-100 µm, which is 2-3 order

of magnitude lower than the wavelength.
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2 STATE OF THE ART

In this chapter the state of the art in the design of RFIC wideband LNAs and Bi-

directional amplifiers are presented. The wideband LNA section is separated into different

categories according to the focus of each topology. The aim is to understand the trade-offs

and limitations in designing wideband LNAs.

2.1 Wideband Low-noise Amplifiers

In this section, a number of wideband LNAs are discussed and their parameters

are discussed. In wideband operation, some LNA designs are available in the literature

operating under ULV such as 0.5 and 0.6 V. A part of this literature review has been

incorporated from (COSTA, 2014), which has been previously developed by the author.

The feedback technique improves input matching, which improves Noise Figure

(NF), while contributing in linearization. Noise canceling can be used to reduce NF by

subtracting inverted correlated noise signals, as in (CHENG et al., 2011), (ANSARI;

YAVARI, 2011), (XIMENES; SWART, 2011), (WANG et al., 2012), (PIMENTEL; BAMPI,

2012), (BRUCCOLERI; KLUMPERINK; NAUTA, 2004), (WANG; ZHANG; YU, 2010a),

(CHEN; LIU, 2012). Another linearization method is based on canceling higher order

nonlinear terms of the signal of interest by adding a secondary device to subtract currents

or voltages, such as (LIAO; TANG; MIN, 2007), (ZHANG; FAN; SINENCIO, 2009),

(CHENG et al., 2012). The key idea is to improve the linearity of a wideband LNA with-

out degrading gain, NF and input impedance matching, and working in a 2-3 decades

frequency bandwidth.

2.1.1 Nominal voltage supply topologies

2.1.1.1 Noise canceling and Negative Feedback

The shunt-feedback technique showed in figure 2.1 is perhaps the simplest way of

reducing the LNA noise figure. Neglecting the output conductance, this simple amplifier

suffers from a severe trade-off of input impedance matching and noise figure. For low

noise figure, it requires gmiRi and Ri

Rs
much larger than 1. Which does not goes with the

matching requirement gmiRi = 1 and Ri

Rs
= 1, where RS is the source resistance.
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In order to break this trade-off, one can add amplifiers cascaded within the feed-

back loop. This way, one can decouple the gain and input matching, making it possible

to lower NF without degrading input matching. However, this strategy might make the

design prone to instability.

Figure 2.1: Negative feedback LNA. Source: (BRUCCOLERI; KLUMPERINK;
NAUTA, 2004).

The strategy is to break this direct connection of Zin, NF and gain, keeping the

feedback advantages. In (BRUCCOLERI; KLUMPERINK; NAUTA, 2004), the feed-

back problems and the noise canceling technique are well described and explained. The

implementation was made in CMOS 250 nm. Figure 2.2 shows the noise canceling tech-

nique for a single-ended amplifier. The idea behind noise cancellation is the addition of

another amplifier, which inverts the LNA input signal and noise, generating an output

signal that can be added to the direct path signal to subtract noise and enhance gain.

Figure 2.2: Noise canceling technique. Source: (BRUCCOLERI; KLUMPERINK;
NAUTA, 2004).

One possible problem of this technique is the noise generated by the additional

amplifier. However, the noise generated from this amplifier is completely decoupled from

the noise of the matching device. Thus, it can achieve very low values of NF without

degrading input impedance and LNA total gain. Besides, even with mismatch problems,
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which can shift noise and signal phases, noise is still partially canceled. This technique

can achieve a NF below 2.5 in the entire band.

The work in (PIMENTEL; BAMPI, 2012) uses the feedback + noise cancella-

tion concept previously explained to implement a differential WBLNA in CMOS 130 nm

process (Figure 2.3). It incorporates the differential advantages, such as common mode

noise rejection and enhanced gain to accomplish the challenge of implementing the idea

in CMOS 130 nm. It shows a NF around 3-5 dB.

Figure 2.3: Fully differential implementation of noise cancellation technique. Source:
(PIMENTEL; BAMPI, 2012).

In (WANG et al., 2012), the feedback noise canceling was implemented in a differ-

ent way. It included the additional canceling amplifier within a cascode WBLNA (figure

2.4). The cancellation occurs in the VGS of the common-gate stage of the cascode. This

design also enhances gain and, as a receiver’s block, contributes to achieve a total receiver

NF of 3 dB, which was mainly due to the LNA. The implementation of the G amplifier

of Figure 2.4 was simply a short-circuit (G=1). The actual fabricated circuit was made

differential, just mirroring the circuit below.

In (XIMENES; SWART, 2011), a Common-Gate (CG) differential amplifier was

used along with a Common-Source (CS) to implement noise cancellation without resis-

tive feedback. Fig. 2.5 shows the implementation, which achieved 1.4-2.5 dB NF. The

input signal enters the CG and CS amplifiers, and then both output signals with different

polarities are summed to cancel noise. The main advantage of this implementation is that

due to cross-coupling on the input, for a differential input impedance matching, the gm is

two times smaller. Which means half its contribution to the noise factor when comparing

with traditional balanced CG circuit. This means that for equal gain, the usage of cross-



34

Figure 2.4: Cascode implementation of noise canceling technique. Source: (WANG et
al., 2012).

coupling provides a lower F while requiring half of the power. The drawback is that noise

factor is limited to 1+γgd0/2gm and antennas and RF filters are usually single-ended.

Figure 2.5: Capacitively cross-coupled implementation of noise canceling technique.
Source: (XIMENES; SWART, 2011).

Apart from differential implementations, single-ended (such as in (BRUCCO-

LERI; KLUMPERINK; NAUTA, 2004)) might be needed, depending on the antenna

and RF filter used on the WBLNA input. In (ANSARI; YAVARI, 2011), a single-ended

WBLNA was implemented in CMOS 90 nm. It uses the same idea of (XIMENES;

SWART, 2011), i.e., CG + CS amplifiers for noise cancellation. However, it uses re-

sistive and inductive degeneration to achieve NF as low as 2.3 dB in 90 nm. The circuit

is shown in Figure 2.6. The disadvantage is the use of several inductors to improve gain

flatness and input impedance matching.

All of the above topologies improved NF of WBLNAs while maintaining gain
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Figure 2.6: Single-ended implementation of noise canceling technique. Source:
(ANSARI; YAVARI, 2011).

and input impedance matching. As noise cancellation also cancels distortion, linearity is

slightly improved. However, this improvement might not be enough to CR applications.

The WBLNAs which focus on high linearity improvements are discussed in the linearity

section.

2.1.1.2 Forward Body Bias

There are LNAs which target low voltage and also wideband operation.The For-

ward body bias was used, (HAO et al., 2012), to improve the cascode implementation of

the LNA under low voltage power supply conditions. The topology works with voltages

under 1V, using the body bias do decrease Vth. Other tricks, such as output inductor load

to improve gain flatness and input capacitance to reduce input impedance in high frequen-

cies, were also used. The topology is a simple cascode LNA with output buffer, achieving

2.7-3.9 NF without any noise cancelation techniques. The circuit is shown in Figure 2.7.

2.1.1.3 Balun-LNA

In this section, two main topologies used to implement wideband balun LNAs are

analyzed. The first one, is a CG-CS amplifier initially proposed theoretically in (BRUC-

COLERI; KLUMPERINK; NAUTA, 2004) and them implemented by the same group in

(BLAAKMEER et al., 2008a), shown in Fig. 2.8.

This topology is based on the fact that the CG amplifier has the same polarity
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Figure 2.7: Forward body bias implementation to operate under 1V power supply. Source:
(HAO et al., 2012).

for signal voltage and difference polarities for noise voltages at input and output nodes.

Hence, the noise of the CG transistor can be canceled by adding an auxiliary CS amplifier

to feed it forward to the output and subtract from the CG amplifier path. Besides, this

topology benefits from the low input impedance of the CG amplifier, having a higher than

3 dB NF though. It achieves 15 dB gain, NF< 3.5 dB, IIP2> 20 dBm and IIP3> 0 dBm.

The best performance is achieved in the 300 MHz - 3.5 GHz band.

Figure 2.8: Balun-LNA with CG-CS amplifiers. Source: (BLAAKMEER et al., 2008a).

The second balun topology is the work in (CHENG et al., 2011), which uses the

same 3 cascaded CS amplifiers with differential output of (RAZAVI, 2010), but with

source RC degeneration in the last CS stage. This improves matching between the noise

canceling nodes and linearity at the same time. Source degeneration is applied (RC par-

allel branch) in the third stage to lower the gain, as well as providing better matching

between nodes X and Y, besides improving also the linearity. However, the source de-

generation resistor RDEG degrades the high frequency input matching. Thus, the degen-
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eration capacitor CDEG is added to boost up the bandwidth of the balun-LNA, helping as

well the input impedance matching at high frequency. The output signal is obtained from

the pseudo-differential sensing, i.e., subtracting vY from vX . Based on such a pseudo-

differential sensing the even-order linearity (IIP2) can be improved due to partial signal

cancellation. However, the non-linearity cancellation relies on phase and gain matching

nodes X and Y. To minimize the difference between X and Y, the gain of the third stage

is therefore sized to be close to 0 dB. The circuit of (CHENG et al., 2011) is showed in

Figure 2.9. It achieves 2.7-3.6 dB NF in 65 nm. In (RAZAVI, 2010) the third stage of

the LNA is a simple CS amplifier which provides a relatively large gain, thus leading to a

degraded non-linearity cancellation.

Figure 2.9: Balun-LNA with cascaded amplifiers. Source: (CHENG et al., 2011).

2.1.1.4 Linearization Techniques

The feedback together with the noise cancellation technique achieve IIP3 around

0 dBm in LNAs in mature CMOS nodes (like 130 nm). This is because its main purpose

is to cancel noise without degrading input impedance matching and gain.

In CR, however, higher IIP3 values might be required,due to its wide bandwidth.

In order to solve this linearity problem, some new techniques have been developed. A

significant result has been achieved in (ZHANG; FAN; SINENCIO, 2009), where the

cascode CG WBLNA has its IIP3 improved by +11.7 to +14.1 dBm, without degrading

gain and NF in CMOS 130 nm. The circuit is shown in Figure 2.10.

The CG stage is used to improve input impedance matching and the cascode is

used to improve gain and bandwidth. The inductor Ld increase bandwidth and inductor Lc

cancels parasitic effects of the cascode transistors. The amplifier at the right of the design

is a buffer, used to interface the measurement equipment and also emulates the input

impedance of a mixer. The key component of this design is the diode-connected transistor
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Figure 2.10: Single-ended implementation with 3rd order non-linearity cancellation.
Source: (ZHANG; FAN; SINENCIO, 2009).
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at the drain of the CG input stage. This transistor taps the drain voltage, replicating the

CG current. The output current which goes to the cascode transistor is the subtraction of

both currents, partially canceling second and third order nonlinear terms. Although this

technique also cancels the linear term, it does not degrade gain/NF because the diode bias

is much less than that of the CG transistor. The complete analysis of the non-linearity

of this topology is showed in (ZHANG; FAN; SINENCIO, 2009) with Volterra series

expansion. The linearization technique is designed for 1.5 GHz to 8.1 GHz.

The above linearity analysis considered the CG input transistor non-linearity as

dominant, neglecting the output conductance and cascode transistor non-linearities. This

approach is well suited to long channel devices and high supply voltages. In deep sub-

micron technologies, the transistor output resistance is typically low, increasing the distor-

tion of the cascode transistor. Besides, the low voltage operation might push the cascode

transistor out of deep saturation, which also increases the distortion of the circuit. The

work in (CHENG et al., 2012) makes a rigorous analysis of the differential resistive feed-

back cascode WBLNA, considering the transconductor, output resistance and cascode

transistor non-linearities. A method of intermodulation-product of third-order (IM3) can-

cellation is proposed using negative impedance connected in the middle of the cascode,

as shown in Figure 2.11. The 4 transistors plus the capacitor in the middle implements

the negative impedance.
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Figure 2.11: Negative impedance used to cancel terms of IM3 equation. Source: (CHENG
et al., 2012).

The idea of the negative impedance is to generate a degree of freedom in cancelling

the nonlinear terms of all the components considered. The nonlinearity symbolic analysis

was made based on harmonic balance to arrive at a given expression for the current of the

cascode in terms of vgs, vds and the negative impedance added. The exact expression was

not the focus, what matters is the required value on the negative impedance to partially

or fully cancel the IM3 contributions of both the cascode transistors. The thermal noise

addition of the negative impedance does not degrade the performance, since the noises

of all the other components are lowered by the negative impedance effect. This topology

without inductors achieves IIP3 improvements of 6.3 dB to 10 dB in 0.1 Ghz to 1 Ghz,

while maintaining low NF, high gain and input impedance matching (using feedback).

2.1.1.5 Nominal voltage supply comparison table

Table 2.1 shows a comparison summary the topologies with the best results dis-

cussed above. The * indicates power gain, the others are voltage gain.

Table 2.1: Comparison table for the nominal voltage supply topologies.
Ref. Gain (dB) Bandwidth (GHz) NF (dB) IIP2 (dBm) IIP3 (dBm) Area (mm2) Power (mW) Tech (nm)

Custodio (2010) 36.5 0.17-0.9 1.6 - -11 - 18 65
Cheng (2011) 7.8-12.3 3.1-13.9 2.7-3.3 - -6.4 0.1 2.5 90

Sinencio (2009) 8.6-11.7 1.5-8.1 3.6-6 7.6-23 11.7-14.1 0.58 2.62(core) 130
Taniguchi (2008) 24-25 0.05-10 2.7-3.6 10.2-32.4 -10-(-2) - 21.7 65

Haslett (2010) 17.7 0.2-1 4-4.2 - -9.8 0.0069 7.35 130
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2.1.2 Ultra-low voltage supply topologies

The ULV designs were put in a separate subsection due to its limitations in avail-

able gain which cannot be directly compared to the other designs operating under higher

voltage supplies.

(LIU; LIAO; HUANG, 2009a) published an ULV LNA which is fully differential

with the capacitive cross-coupled structure. The key for this design operation in 0.5 V

power supply is the forward body bias (FBB) technique. Although using a 180 nm CMOS

technology, with a nominal VTH of 500 mV, the FBB causes a decrease in the VTH of the

transistors. It goes down to 120 mV, which allows the operation of the LNA in strong

inversion. This design uses two off-chip transformers as a balun at the input and the

output for the external interface to measurements. The linearity was not provided in the

paper but the voltage gain is higher than 18.5 dB and NF = 2.95 in the 400 MHz - 900

MHz bandwidth. Power dissipation is 0.385 mW. The circuit topology is shown in Fig.

2.12 and the results on Fig. 2.13.

Figure 2.12: The ULV LNA proposed by Huang in 2009. Source: (LIU; LIAO; HUANG,
2009a).

(CHANG; GUO, 2013a) proposed a 3-stage Distributed Amplifier (DA) working

under 0.6 V power supply. The first stage is a CG amplifier responsible for the input

impedance matching. It is followed by a CS and a Common-Drain (CD) amplifier to the

output. Both the CG and CS amplifiers have inductor peaking to extend bandwidth. The

CG stage has a source inductor for input impedance matching. This solution achieves a

power gain higher than 10 dB in the 3-8 GHz band, a NF below 5 dB in the 2-10 GHz

band and an IP3 of 4.2 dBm at 6.5 GHz. The design is shown in Fig. 2.14 and the results

in 2.15.

(SLIMANE et al., 2014) proposed a combination of tuned and wideband LNA
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Figure 2.13: The results of the ULV LNA proposed by Huang in 2009. Source: (LIU;
LIAO; HUANG, 2009a).

Figure 2.14: The ULV LNA proposed by Guo in 2013. Source: (CHANG; GUO, 2013a).

Figure 2.15: The results of the ULV LNA proposed by Guo in 2013. Source: (CHANG;
GUO, 2013a).

operating in ULV under a 0.6 V power supply. This is a very interesting design since it

used a resistive-feedback amplifier to provide wideband input impedance matching and

a tunable cascode CS amplifier as a second stage to provide a tuning range of 1.5 GHz
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to 2.6 GHz. This is an interesting strategy, since you can have a single device to match

the antenna and use the advantages of tuning at a second stage. The IP3 is only provided

for the high voltage mode, which is 1.2V, having IP3 = -17 dBm. However, this might

well suit the standards it was targeting, since the tuning rejects all blockers at the LNA

output. The achieved power gain was 20-25 dB and NF around 3 dB in all tuned operating

conditions. As it only needed to meet only 6 narrowband standards, that was enough. This

strategy is not that feasible when considering a 6 MHz channel selection over the 50 MHz

- 1 GHz bandwidth of the IEEE 802.22 standard though. Fig. 2.16 shows the topology

and 2.17 the results.

Figure 2.16: The ULV LNA proposed by Maafri in 2014. Source: (SLIMANE et al.,
2014).

Figure 2.17: The results for the ULV LNA proposed by Maafri in 2014. Source: (SLI-
MANE et al., 2014).

(PARVIZI; ALLIDINA; EL-GAMAL, 2015a) proposed a resistive-feedback sin-

gle stage ULV wideband LNA operatin under a 0.5V supply. The circuit is shown in Fig.

2.18 and its results in 2.19. The topology is very simple, its just the resistive-feedback

inverter with inductor peaking at the feedback loop and decoupling capacitors to inde-

pendently provide the bias of the PMOS and NMOS transistors. This minimalist design

achieves a power gain of 10 dB over the 1-7 GHz bandwidth, NF around 4.5 dB and a
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worst-case IP3 = -9 dBm at 5 GHz for a 100 MHz spaced two-tone test. This is suited for

out-of-band blockers only.

Figure 2.18: The ULV LNA proposed by El-Gamal in 2014. Source: (PARVIZI; ALLID-
INA; EL-GAMAL, 2015a).

Figure 2.19: The results of the ULV LNA proposed by El-Gamal in 2014. Source:
(PARVIZI; ALLIDINA; EL-GAMAL, 2015a).

(PANDEY; SINGH, 2015a) proposed a 0.6 V wideband LNA also using a forward

body bias technique to lower the VTH of the transistors involved. It is just two cascaded CS

amplifiers with inductors to provide wideband gain and input impedance matching. Due

to the forward body bias, it was able to work under 0.6 V power supply. This topology

operates in the 3.1-10.6 GHz frequency range, achieving a power gain > 20 dB, NF <

3.4 dB in the entire band and a P1dB compression point of -19 dBm, which is equivalent

to an IIP3 around -9 dBm. The power dissipation is 12.6 mW. The topology is shown in

Fig. 2.20 and the results in 2.21. The power dissipation is 12.6 mW.

2.1.2.1 ULV state of the art comparison table

Table 2.2 shows a comparison summary the ULV topologies with the best results

discussed above. The * indicates power gain, the others are voltage gain.
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Figure 2.20: The ULV LNA proposed by Singh in 2015. Source: (PANDEY; SINGH,
2015a).

Figure 2.21: The results of the ULV LNA proposed by Singh in 2015. Source: (PANDEY;
SINGH, 2015a).

Table 2.2: Comparison table for the ULV supply topologies.
Ref. Gain (dB) Bandwidth (GHz) NF (dB) IIP3 (dBm) VDD (V)

Huang (2009) 18.5 0.4-0.9 2.95 - 0.5
Guo (2013) 10 3-8 <5 4.2@6.5GHz 0.6

Maafri (2014) 20-25* 1.5-2.6 3 -17 0.6
Elgamal (2014) 10* 1-7 4.5 -9@5GHz 0.5
Singh (2015) 20* 3.1-10.6 <3.4 -9 0.6

2.2 Bi-directional Amplifiers

In this section a literature review of bi-directional amplifiers (BDA) is presented.

The fundamental purpose of bi-directional amplifiers in the RF front-end context started

as to replace RF switches used in transceivers for the antenna connection. The RF switch

selects to either transmit or to receive the signal connecting the Power Amplifier (PA) or

the LNA to the antenna, respectively.

There was one BDA topology which considered the context of wireless repeaters,
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where the BDA alone would be responsible for regenerating a signal inside a repeater.

This context was chosen to be the one developed in this thesis, since it suits the upcoming

5G networks.

(ARCHER; SEVIMLI; BATCHELOR, 1999), in 1999, proposed a BDA to replace

an RF switch in the frequency band of 40-45 GHz with 10 dB gain and 8 dB return loss

in both directions. The BDA circuit is shown in Fig. 2.22 and it is composed by two

common-gate (CG) High Electron Mobility Transistor (HEMT) amplifiers cascaded in

series with one diode and several transmission lines connected to each CG amplifier’

input-output. This design requires to reverse the voltage supply in order to achieve the

forward and reverse gains.

Figure 2.22: The BDA developed in 1999. Source: (ARCHER; SEVIMLI; BATCHE-
LOR, 1999).

In 2006, (YU et al., 2006) proposed a BDA topology for the 2.4 GHz ISM band

that connects the LNA and the PA together through four transmission lines as shown in

Fig. 2.23. The idea is to use enable signals to switch ON and OFF either the LNA or

the PA during reception and transmission, respectively. The transmission lines are trans-

formed to high impedance during the OFF operation and to Z0 during the ON operation.

The four transmission lines avoid the LNA and the PA to load each other, controlling the

impedances.

This design achieves 14 dB of gain in both directions during the ON state and -13

to -15 dB during the OFF state. This design limitation is that it still requires a control

signal synchronized with the reception and transmission operations to enable-disable the

LNA and the PA.

In 2013, (CHO; KIM; BAEK, 2013) presented a BDA concept using a distributed

amplifier for the frequency band of 3-20 GHz as shown in Fig. 2.24. The concept is to

connect two cascode common-source amplifiers in parallel and turn on one at a time for
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Figure 2.23: The BDA connecting the PA and the LNA together in 2006. Source: (YU et
al., 2006).

either forward or reverse transmission. The choice of the forward and reverse paths is

made turning on-off the cascode transistor using its gate voltage or its own VDD. Again,

this design requires a control signal synchronized to the transmission and reception for it

to work.

This design achieves a gain of 10 dB and return loss better than 9 dB over at 3-20

GHz. The output P1dB is 8 dBm and the chip area is 0.96 x 0.85mm2, dissipating 68mW.

Figure 2.24: The BDA using the distributed amplifier concept in 2013. Source: (CHO;
KIM; BAEK, 2013).

In 2016, (SONG et al., 2016) proposed a BDA to compose a bi-directional power

divider-combiner operating in the 2-22 GHz frequency band and providing 9 dB of gain,

dissipating 100mW for the overall power divider-combiner circuit. The BDA and the

power divider-combiner circuits are shown in Fig. 2.25. The BDA circuit uses the same

idea as the distributed amplifier previously discussed with two cascode amplifiers in par-

allel that are turned on and off by the cascode transistor gate voltage. But this design is

not a distributed amplifier and is part of a power divider-combiner topology.

Also in 2016, (KUMAR; MA; YEO, 2016) proposed a 55-60 GHz BDA with
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Figure 2.25: The BDA using a double cascode topology in 2016. Source: (SONG et al.,
2016).

variable gain using the 65 nm CMOS technology. The circuit is shown in Fig. 2.26 and is

composed by two LNAs connected in parallel. The bi-directional behavior is implemented

by turning ON and OFF each of the LNAs. Each LNA is composed by 3 cascaded cascode

amplifiers with inductive peaking. The gain is variable from -4.3 to 8.6 dB, the output

P1dB is -2 dBm and power dissipation is 27.6 mW.

Figure 2.26: The variable gain BDA using two LNas in 2016. Source: (KUMAR; MA;
YEO, 2016).

In 2017, (WANG; SAAVEDRA, 2017) presented a BDA in the frequency band

of 28-31 GHz using active quasi-circulators as its core, as shown in Fig. 2.27. The

active quasi-circulator circuit has 3 ports and it is composed by two symmetrical parallel

branches of transconductance amplifiers that takes the input (port 1) to the output (port

3). Port 2 is taken out in the middle of the upper branch, requiring the same point at the

lower branch to be matched to 50 Ohms. This design achieves a worst case of 10-15 dB

of gain and return losses better than 10 dB.

The problem with this design is that it requires 48 mmWave inductors and the

results were provided with ideal inductors in simulation. The P1dB compression point

is -20 dBm. The simulation results using just ideal components (resistors, inductors and
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capacitors) are a huge limitation of this design.

Figure 2.27: The BDA using active quasi-circulators with 48 ideal inductors in 2017.
Source: (WANG; SAAVEDRA, 2017).

2.2.1 BDA state of the art comparison table

Table 2.3 shows a comparison summary the BDA topologies with the best results

discussed above. All the gain results are power gains.

Table 2.3: Comparison table for the BDA topologies. The * indicates ideal schematic
simulation results.

Ref. Gain (dB) Bandwidth (GHz) Return loss (dB)
Archer (1999) 10 40-45 >8

Yu (2006) 14 2.4 >10
Cho (2013) 10 3-20 >9
Song (2016) 9 2-22 >11

Kumar (2016) 8.6 55-60 >10
Wang (2017)* 10-15 28-31 >10
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3 WIDEBAND LNA DESIGNS

In this chapter, several WBLNAs topologies developed in this work are described

and explained in detail. Each WBLNA focus on enhancing a specific design parameter

such as IIP3, NF, power dissipation, bandwidth, low sensitivity to variability, etc.

In the end of this chapter, a systematic methodology for wideband LNA design is

presented. It consists of a generic block diagram for a wideband LNA, where each block is

a basic amplifier or a sub-block of an amplifier such as a load. The best topology choices

to get the best results of one or more specific design parameters are also discussed.

3.1 High IIP3 or Low NF and Low Sensitivity to Variability

In this first topology, the objective was to explore additional degrees of freedom

of the noise canceling topology to break the trade-off between NF and linearity.

Traditional LNA topologies using a single amplifier suffer from a NF, input impedance

matching and linearity trade-off. This happens because in traditional topologies using

CMOS technologies the input impedance matching is attached to the amplifier gm that

determines the gain, which in turn is attached to the NF. In order to lower the NF, a

common practice is to increase the gain (or current consumption) which also degrades

the linearity of the LNA and affects the input impedance matching bandwidth (transistor

parasitic capacitance).

The noise canceling topology broke the input impedance matching and NF trade-

off by using two amplifiers in parallel so that one is responsible for input impedance

matching and the other is responsible for the overall NF, since it cancels the noise of

the first amplifier. Besides, both amplifiers outputs are summed increasing the overall

gain. Breaking the input impedance matching and NF trade-off and increasing the overall

gain of the LNA allowed a great development of wideband LNAs, which due to the large

bandwidth would have a problem with input impedance matching and NF design using a

single amplifier topology. However, the linearity remained a concern, since its trade-off

with the NF remained the same in the noise canceling topology.

In this first topology developed in this work, the auxiliary amplifier in the noise

canceling topology was broken into two cascaded amplifiers. In a noise canceling topol-

ogy, the auxiliary amplifier is responsible for all the NF of the LNA (assuming perfect

noise canceling). As in this topology developed in this work, there were two cascaded
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amplifiers in the auxiliary branch, the first amplifier in this cascade is responsible for the

majority of the NF of this auxiliary branch following the Friis formula. In this configura-

tion, the trade-off of NF and linearity has been broken, since the second amplifier in the

auxiliary cascade adds another degree of freedom for NF and linearity optimization.

For the overall linearity in this topology, the designer has the main amplifier and

the second amplifier in the auxiliary cascade that produce a low impact on the NF, hence

both of them could be a degree of freedom to break the NF and linearity trade-off. This

design has been published in (COSTA; KLIMACH; BAMPI, 2015). The circuit topology

is shown in Fig. 3.1.

Figure 3.1: The WBLNA topology that offers high IIP3 or very low NF and low sensitivity
to variability. Source: the author (COSTA; KLIMACH; BAMPI, 2015).
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The transistors M1-M2 and resistor RF compose the self-biased main amplifier of

this topology. An extra load is introduced: transistor M3 operates as a diode. M3 gives

the designer an extra degree of freedom to adjust the IIP3 of the main amplifier. This

implements the technique described in (ZHANG; FAN; SINENCIO, 2009). The M3 bias

current is chosen to be 2-3 % of the current of M1, in order not to interfere significantly

in the gain of the main amplifier (gm3 <<(gm1+gm2)). All small signal analysis was done

neglecting the parasitic capacitance and transistor parasitic AC series resistance (rds). The

input impedance is given by a first order approximation:

RIN =
1 + gm3RF

gm1 + gm2 + gm3

≈ 1

gm1 + gm2

(3.1)

The input impedance RIN must be matched to the signal source impedance RS ,

leading to a first order estimation of: gm1 + gm2 = 1/RS . The small signal voltage gain of

this main amplifier is given by:
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AVMAIN
=

1− (gm1 + gm2)RF

1 + (gm1 + gm2)RS + gm3(RF +RS)
(3.2)

neglecting gm3 , assuming RF � RS and also input impedance matching (RIN =

RS), one gets AVMAIN
≈−RF (gm1+gm2)

2
, as a rough gain estimation for the main amplifier.

Both the main and auxiliary amplifiers have their bias stability set by the feedback

resistor RF . The gate of M1 is connected to the gate of M4 in the first auxiliary amplifier,

and connected to the gate of M6 through RBIAS in the second auxiliary amplifier. Since

RBIAS must not interfere in the amplifier gain nor contribute with thermal noise, the

coupling capacitor CBIAS must be sized to be the signal path for all frequencies within

the band. Also, RBIAS must be large enough to avoid a feedback path to M4, reducing its

gain. Finally, the designer must optimize the size of RBIAS and CBIAS , so as to have the

minimum area possible.

The auxiliary amplifier is composed byM4,M5,M6 andROUT , implementing two

cascaded common-source (CS) amplifiers. The first CS amplifier has a diode-connected

NMOS load (M5) in order to improve its linearity, while penalizing with the addition of

flicker noise. The small signal gain of the first stage is AVAUX1
= −gm4

gm5
. The second CS

amplifier uses a resistive load. Low frequencies around 50 MHz were targeted, so an

active load was avoided here to reduce the flicker noise at the output. The small signal

gain of this stage is AVAUX2
= −gm6ROUT , which leads to a total again at the differential

output of:

AVTOTAL
= − RF

2RS

− gm4gm6ROUT

gm5

(3.3)

The main and the auxiliary branches of the amplifier were designed to have the

same voltage gains, while both stages of the auxiliary amplifier were also designed to

have almost the same gain. In this LNA, each branch was designed to offer a voltage gain

around 8-9 in order to reach a total gain higher than 16 (24 dB). In the auxiliary amplifier,

both stages have a voltage gain around 3 times each. The gain of the first stage is naturally

small due to the domination of the term 1
gm5

on its load. The second stage can not have a

high gain itself due to the linearity degradation. The aim here is to have two small gains

to build up the highest possible gain in the auxiliary amplifier, resulting in the highest

differential gain possible for the LNA, without degrading the IIP3 and NF too much.
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In order to have a high AIIP3TOTAL
, one has to reduce both fractions in the de-

nominator of equation 3.4 (RAZAVI, 2011). There are two ways of achieving that goal:

i) reduce the first fraction with a high AIIP31 and a small AVAUX1
, which gives more non-

linearity margin for the AIIP32 ; ii) reduce the second fraction with the highest AIIP32

possible, which gives AVAUX1
the freedom to be high and more nonlinearity margin for

AIIP31 . The first strategy worked better for the topology on this work, i.e., small gain

AVAUX1
, which resulted on a high AIIP31 and, as the second stage of the auxiliary am-

plifier had also a small gain, its AIIP32 was high enough. This characteristics of this

topology gives the designer great flexibility to adjust AIIP3TOTAL
, as both gains in the

auxiliary amplifier are small. Besides, as its first stage is highly linear and the second

with a small gain, both do not add much distortion.

A2
IIP3TOTAL

=
1

1
A2

IIP31

+
AVAUX1

A2
IIP32

(3.4)

The strategy adopted in this work opens up another possibility for the cascaded

amplifiers in a auxiliary branch of a wideband LNA, since the traditional practice would

be to design the second amplifier of the cascade to be more linear than the first. Here it is

shown that as the wideband LNA requires a moderate gain and it already has two parallel

branches that add up at the output, under a low gain configuration, the second amplifier

in the auxiliary cascade does not have to be very linear.

The advantage of using this strategy is that the distortion achieved in the auxiliary

branch, although not the best result if the auxiliary branch was an LNA on its won, it was

close to the one generated in the main amplifier branch and, when they are subtracted

at the output, they are also canceled along with the noise. If one chose to go for the

conventional strategy to make the first amplifier in the auxiliary cascade with a higher

gain and hence a low NF on its own and the second one being more linear, the asymmetry

with the distortion generated in the main amplifier would generate an overall IIP3 worse,

because they are subtracted from each other at the output.

Thus, it is very important to stress out that the design of the three amplifiers in

this topology is done in a way that takes into account that they work together for the final

result and their individual parameters are not to be considered as if they were LNAs on

their own.

The consequence of the previously described strategy is the addition ofM5 Flicker
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noise, which is amplified by the second stage in the auxiliary cascade. Reducing the

Flicker noise by swapping the position of M5 and ROUT was not implemented, due to the

linearity improvement strategy adopted.

The added flicker noise of M5 can not be removed, but can be reduced by the

increasing of the transistor area (WL), while keeping the aspect ratio (W/L) to maintain

the same gm. The transistor area can be increased until the corner frequency goes lower

than the minimum band frequency of the amplifier, but at the expense of larger parasitic

capacitance, requiring a trade-off adjust between noise and gain flatness. The flicker noise

of M4 and M6 can also be reduced in the same way, and ROUT is designed to be low in

order to reduce thermal noise, while providing enough power gain.

The NF of a generic amplifier, according to (RAZAVI, 2011), is given by: NFamp =

1 +
V 2
nOUT

|α|2A2
V

1

V 2
nRS

, where V 2
nOUT

is the amplifier noise at the output, α is 1/2 for perfect input

matching, VnRS
is the source impedance noise and AV is the amplifier voltage gain.

In the main amplifier, the output noise voltage is given by:

V 2
nOUT

= (4kTRF + 4kTγ(gm1 + gm2)
(RF +RS)2

4
) (3.5)

whose two terms are the output noise that result from the feedback resistor and

from the transistors when considering only thermal noise. Hence, for the main amplifier

NFMAIN = 1 + 4RS

RF
+ γ(gm1+gm2)RS , where the last term is canceled at the output by the

auxiliary amplifier. Adding the noise of the auxiliary amplifier, the total NF (considering

only thermal noise) for the LNA is:

NF = 1 +
4RS

RF
+
A2
VAUXtotal

v2nAUX
RS

kTR2
F

(3.6)

where k is the boltzmann constant, T is the absolute temperature and v2nAUX
is the

input referred noise of the auxiliary amplifier given by:

v2nAUX
= 4KT

[
γ

(
gm4 + gm5

g2m4

+
g2m5

g2m4gm6

)
+

g2m5

Rg2m4g
2
m6

]
(3.7)

The diode connected transistor linearization technique was used in (ZHANG;

FAN; SINENCIO, 2009) in a common-gate (CG) amplifier. Here we use the same idea in
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a CS amplifier and its linearization principle is explained as follows. Let us assume that

vg1 and vg3 are the gate voltages of transistors M1 and M3, respectively. The small signal

drain currents that result from these gate voltages can be expanded in power series to the

cubic power (ZHANG; FAN; SINENCIO, 2009) as id1 = gm1vg1 + g21v
2
g1 + g31v

3
g1 and

id3 = gm3vg3 + g23v
2
g3 + g33v

3
g3.

Since vg3 is also the drain voltage of M1, it can be related to vg1 by vg3 = b1vg1 +

b2v
2
g1 + b3v

3
g1. Where b1-b3 factors can be estimated from electrical simulations. Since

gate and drain of M3 are tied at the same node, the two nonlinear small signal currents id1

and id3 are subtracted to define the output current i0. Keeping only the terms to the cubic

power results in i0 = id1 − id3, where:

i0 = (gm1 − b1gm3)vg1 + (g21 − b21g23 − b2gm3)v
2
g1

+ (g31 − b31g33 − gm3b3 − 2g23b1b2)v
3
g1 (3.8)

From Eq. 3.8, one can see that the third and second order distortion terms of the

output current are reduced by the id3 nonlinearity factors. Although M3 partially cancels

the linear term as well, it does not appreciably degrade the amplifier gain because its

transconductance is much lower than that of M1, since its aspect ratio is smaller.

The IIP3 adjustment is made by changing the ratio of M1 and M3 sizes. Since

it’s difficult to model I-V curves in modern short-channel transistors, the designer can

optimize this relation via electrical simulations with models provided by the foundry.

3.1.1 Design trade-offs

The LNA topology described here can be designed to achieve a given set of perfor-

mance specification parameters, depending on the application requirements. In order to

adjust its overall performance, the amplifier blocks that are highlighted by dashed rectan-

gles in Fig. 3.1 can be optimized according to their influence in the amplifier parameters,

as listed bellow.

• Main amplifier: bias, input impedance matching, NF, Gain;

• Linearity boost diode: IIP3, NF;

• Auxiliary amplifier: NF, IIP3, Gain;



55

In order to explore the topology possibilities, two optimization directions can be

taken, resulting in two different LNA versions. One improving NF and the other im-

proving IIP3. The two versions are shown bellow with the adjustment strategies shortly

described.

1. Best-NF: RF must be increased, increasing gain; increase gm1,2 to compensate the

S11 change; increase W ofM3 to compensate the IIP3 loss due to the gain increasing

and increase ROUT to balance the output.

2. Best-IIP3: increase W of M3 until the maximum IIP3 is achieved; decrease RF

until the NF reach a given limit; decrease ROUT to keep the output balanced.

The designer must observe that RF can not be too high, since it must be counter-

balanced by gm1,2 to keep input impedance matching, with impact on power consumption

increase. Also ROUT should be low for lower thermal noise and allowing power gain if

needed (being not too far from 50 Ω for good matching with the following block).

Table 3.1 shows the final transistor sizes for both design versions after the afore-

mentioned optimization. The electrical simulation results of these two versions are pre-

sented in the next section.

Table 3.1: Device sizing.
MOSFETs Best-IIP3 version Best-NF version

W(µm) L(µm) gm(mS) W(µm) L(µm) gm(mS)
M1 194.88 0.12 58.3 162.4 0.12 12.18
M2 210.24 0.44 14.85 175.2 0.44 12.5
M3 4 0.12 1.1 2.4 0.12 0.66
M4 339.84 0.15 116.08 424.8 0.15 149.7
M5 125.12 0.4 39.67 156.4 0.4 49.08
M6 91.2 0.12 33.24 91.2 0.12 34.4

3.1.2 Results

After layout and parasitic extraction, both versions of the LNA were simulated in

Cadence Virtuoso Spectre, using the IBM 130 nm technology PDK. The simulation test-

bench is shown in Fig. 3.3 and it includes the estimated bondwire inductances (LBOND

= 2 nH), PAD capacitances (CPAD = 1 pF) and external decoupling capacitors (CACIN

= 350 pF). A load composed by RL = 1.5kΩ and CL = 100 fF was also considered and

a good tradeoff between RBIAS and CBIAS was achieved using 50 kΩ (total of 40 unit
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resistor multipliers) and 33 pF (total of 7 unit capacitor multipliers), respectively.

Package parasitics LBOND and CPAD were taken into account for the simulations,

degrading the performance of the LNA. In case the LNA is designed to be used as an in-

ternal block of an application circuit, like in a RF front-end, the final performance figures

can be improved further.

3.1.3 Best-IIP3 version

The layout for this version of the LNA is shown in Fig. 3.2 and its simulation

results are shown in the left sides of Figs. 3.4, 3.5 and 3.6. The gain, NF and S11 are very

flat in the 0.05 GHz - 1 GHz frequency band.

The topology presented a voltage gain above 23.7 dB and NF lower than 3.6 dB

in the entire frequency band as can be seen in Fig. 3.4.The input impedance mismatch

parameter S11 was adjusted to be less than -16 dB to have margin for bondwire inductance

uncertainty. The IIP3 is above 3.3 dBm in the entire frequency band, reaching a maximum

of 7.5 dBm, and the IIP2 is above 5.5 dBm, as can be seen in Fig. 3.5 . The transient

simulation results show a good gain balance for both outputs, although a small difference

between each branch was observed, as can be seen in Fig. 3.6. This version also presented

low sensitivity for gain, S11 and NF to temperature variations in the range from -55 to

+125◦C, as shown in Fig. 3.7. The IIP3 reduces to a minimum of -2.35 dBm only under

-55◦C, being near or above 0 dBm in all other temperatures. Inside the range from -10 to

+80◦C IIP3 is around 2 dBm or above.

Figure 3.2: Layout of the highly linear LNA. M1, M2, M4, M5 and M6 used 24, 24,
8, 8 and 2 multipliers with 4 fingers each respectively. Source: the author (COSTA;
KLIMACH; BAMPI, 2015).
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Figure 3.3: Test-bench for extracted layout simulations. Source: the author (COSTA;
KLIMACH; BAMPI, 2015).
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Figure 3.4: Post-layout voltage gain, NF and S11 simulation results for both LNAs: Best-
IIP3 on the left and Best-NF on the right. Source: the author (COSTA; KLIMACH;
BAMPI, 2015).
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Figure 3.5: Post-layout IIP3 and IIP2 simulation results for both LNAs: Best-IIP3 on the
left and Best-NF on the right. Source: the author (COSTA; KLIMACH; BAMPI, 2015).
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3.1.4 Best NF version

The post-layout simulation results for this version are shown in the right sides of

Figs. 3.4, 3.5 and 3.6. Fig. 3.4 shows that this version can achieve a voltage gain higher
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Figure 3.6: Transient simulation showing both outputs of the two versions, with -72 dBm
input power at 1 GHz: Best-IIP3 on the left and Best-NF on the right. Source: the author
(COSTA; KLIMACH; BAMPI, 2015).

��� ���� �����������
�������
�������

���
������
������
������

Ou
tpu

ts 
(V)

T i m e  ( s )

 O U T P
 O U T N

��� ���� ����
�������
�������
�������

���
������
������
������

Ou
tpu

ts 
(V)

T i m e  ( s )

 O U T P
 O U T N

Figure 3.7: Temperature variation impact on gain, NF and S11 of the Best-IIP3 version.
Source: the author (COSTA; KLIMACH; BAMPI, 2015).
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than 25 dB with a NF lower than 2 dB in the 0.1 GHz - 1 GHz frequency band. The

IIP3 goes into the vicinity of 0 dBm, since M3 can not be large enough to reduce more

the nonlinear terms without increasing noise, as can be seen in 3.5. A small difference

between the gain of each branch was also observed, as can be seen in Fig. 3.6. The S11 is

lower than -11 dB, still keeping a margin below -10 dB.

3.1.5 Variability Sensitivity

The Best-IIP3 version was simulated in Monte Carlo for 1000 samples to verify

the impact of average process variations and device mismatch on its performance. Fig.

3.8 shows the result over all the frequency range for gain, S11 and NF on the left side. On

the right side is presented an hystogram that shows the worst case of NF, which occurs at
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the lowest frequency (50 MHz in this wideband CR system). Fig. 3.9 shows the results

for worst case over all frequency range for IIP2 (left side) and IIP3 (right side). These

results mean that the topology offers low sensitivity to fabrication variations, presenting

µ = 3.7 dB and σ = 0.7 dB for NF, meaning that 96% of the samples are under 4.7 dB. The

worst case IIP3 stayed above 0 dBm for 98.2% of 1000 samples, having µ = 2.28 dBm

and σ = 1.75 dBm. Also the worst case IIP2 presents µ = 7.2 dB and σ = 0.67 dB. The

gain is over 22.7 dB and S11 is lower than -11.7 dB for 100% of the samples perturbed by

MC simulations.

Figure 3.8: Monte Carlo simulation for 1000 samples of the Best-IIP3 version: gain, NF
and S11 are on the left side and the worst case NF hystogram is on the right side. Source:
the author (COSTA; KLIMACH; BAMPI, 2015).
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Figure 3.9: Monte Carlo simulation for 1000 samples of the Best-IIP3 version: the worst
case IIP2 is on the left side and the worst case IIP3 is on the right side. Source: the author
(COSTA; KLIMACH; BAMPI, 2015).
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3.1.6 Comparison Table

Table 3.2 presents performance parameters that can be used to compare this de-

sign with twelve other wideband LNA circuits published in the literature since 2009, for

processes from 180 nm to 65 nm.

Table 3.2: Comparison table with recently published wideband LNAs. The * denotes
power gain values.

Ref. BW Gain NF S11 IIP2 IIP3 Power Area Tech
BALUN FoMITRS

FoMITRS

Area×fc(GHz) (dB) (dB) (dB) (dBm) (dBm) (mW) (mm2) (nm)
(ZHANG; FAN; SINENCIO, 2009) 1.5-8.1 8.6-11.7* 3.6-6 <-9 7.6-23 11.7-14.1 2.62(core) 0.58 130 NO 4.35*/- 1.56*/-

(IM; NAM; LEE, 2010) 0.072-0.85 14.5* 3.6 - 38 2.5 11.52 0.08 130 NO 0.012*/- 0.32*/-
(CHENG et al., 2012) 0.1-1 11-18 2.8-4 <-10 - 1-12 12.3 0.003 160 NO -/0.12 -/0.72

(Im et al., 2009) 0.04-1.2 16.4* 2.1-3.4 <-10 - 0 14.4 0.036 180 NO 0.018*/- 0.82*/-
(YOUSSEF; ISMAIL; HASLETT, 2010) 0.17-0.9 36.5 1.5 - - -11 18 - 65 YES - -

(XIMENES; SWART, 2011) 0.05-5 12* 1.4-2.4 <-10 - -7.89 15 0.08 130 NO 0.03*/- 0.14*/-
(RAZAVI, 2009) 0.05-10 18-20 2.9-5.9 <-10 14-19.5 -11.2-(-7) 22 - 65 YES - -

(BLAAKMEER et al., 2008b) 0.2-5.2 13-15.6 <3.5 <-11 >20 0-4.8 21 0.009 65 YES -/2.32 -/0.95
(MOEZZI; BAKHTIAR, 2012) 0.32-1 18-23.5 2.2-2.7 <-10 - 0@600MHz 15.3 0.1 180 NO -/0.35 -/0.05
(KUO; KUO; CHUEH, 2009) 0.15-1 22-24(14.3*) 2.5-2.9 <-10 10 -0.5 3 0.06 130 YES 0.04*/1.92 1.2*/0.56

(IM, 2013) 0.5-1.1 10* 2.9-3.1 - 12.5 7.5 18 0.07 180 NO 0.014*/- 0.26*/-
(LIN et al., 2014) 3-10 13.7* 2.3 <-10.7 - -0.2 18 0.39 180 NO 0.81*/- 0.32*/-

This design Best-IIP3 0.05-1 23.7-25.5(19.1*) 2.4-3.6 <-16 5.5-7.1 3.3-7.6 17 0.0096 130 YES 0.04*/0.74 7.84*/1.48
This design Best-NF 0.1-1 24.7-27(19.7*) <2 <-11 7.8-9.7 -0.3-0.1 17.6 0.0097 130 YES 0.04*/0.77 7.9*/1.45

The Best-IIP3 version has the larger S11 margin, meaning it is more robust for

bondwire inductance variation. Also it presents the highest gain and lowest NF among

the LNAs with positive IIP3, relaxing the requirements for the mixer connected at the

output. This design presents the smallest silicon area, together with references (CHENG

et al., 2012) and (BLAAKMEER et al., 2008b). The IIP3 of this design is high even for

50 MHz, where high linearity and low NF are difficult to be attained simultaneously.

The Best-NF version and reference (YOUSSEF; ISMAIL; HASLETT, 2010) are

the only ones achieving NF lower than 2 dB inside the entire 100 MHz - 1GHz band.

But this design presents an IIP3 10 dBm higher than (YOUSSEF; ISMAIL; HASLETT,

2010), hence it is the only LNA with NF sub-2dB to achieve a IIP3 higher than -0.3 dBm

in the entire band.

In order to summarize the comparison, two Figures of Merit (FoM) were used,

one from ITRS 2011 system drivers as described in Eq. 3.9, and another adapted to

include the effect of the area of the circuit and to take the central frequency fc out of the

FoM calculation, as shown in Eq. 3.10. The intention is to show a great feature of this

topology, which is a very small area occupied without degrading all the other parameters.

The reason to take the central frequency out of the FoMITRS is that, as it is hard to design

a wideband LNA near the transistor fT , which degrades the NF due to transistor intrinsic

gain reduction, it is also hard to design a wideband LNA at very low frequencies, which

suffers from significant Flicker noise, also degrading the NF. From Eq. 3.9 and Eq. 3.10,
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the gain is in magnitude, IIP3 in Watts, fc in Hertz, BW is the bandwidth in Hertz, P is

the consumed power in Watts, the Area is in mm2, and F is the noise factor in magnitude.

Both FoMs of Eq. 3.9 and Eq. 3.10 are presented in Table 2 after a normatization to 1011,

to result a FoM in the 0.1 to 10 range.

One can see that, considering the area (which can reduce fabrication costs) and

considering that designing an LNA at very low frequencies is as hard as designing it at

high frequencies near fT (both have a degraded NF), according to the FoMarea described

in Eq. 3.10, this topology is better than all other references listed in Table 2. Both

FoMITRS and FoMarea were calculated separately, considering power gain and voltage

gain, as not all the references mention both types of gain.

FoMITRS =
G× IIP3× fc ×BW

(F − 1)× P
(3.9)

FoMarea =
G× IIP3×BW

(F − 1)× P × area
(3.10)

3.1.7 Measurements Results

The high IIP3 version was fabricated in CMOS 130 nm Global Foundries tech-

nology in the shared area chip called RFAMS2015 from the GME-AMS research group

at the Graduate Program in Microelectronics in the Federal University of Rio Grande do

Sul.

The high IIP3 version was connected to an output buffer to 50 Ω and resimulated

the post-layout with the buffer added, so as to have a comparison reference to the mea-

surements.

3.1.7.1 Simulation Results with Buffer

The simulation test-bench and chip layout is shown in Fig. 3.10. The simulation

results with the buffer are shown for each output separately with the other one left open

in Fig. 3.11, 3.12, 3.13 and 3.14.
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Figure 3.10: Test-bench and layout for the simulations including the buffer. Source: the
author.

Figure 3.11: Simulation results for gain and NF. Source: the author.
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Figure 3.12: Simulation results for outp (left) and outn (right) P1dB at 50 MHz. Source:
the author.
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3.1.7.2 Measured Results with Buffer

The NF measurements were performed in the laboratory called RF Wild Measure-

ments and Microelectronics, under the supervision of professor Antônio Augusto Lisboa

de Souza in the Federal University of Paraíba in the city of João Pessoa-PB, Brazil. The
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Figure 3.13: Simulation results for outp (left) and outn (right) P1dB at 500 MHz. Source:
the author.
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Figure 3.14: Simulation results for outp (left) and outn (right) P1dB at 1 GHz. Source:
the author.
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fabricated chip is shown in Fig. 3.15. Only measurements from 500 MHz to 1 GHz could

be performed due to limitations of the laboratory.

The gain and P1dB compression point were measured in the laboratory called

Gigahertz Integrated Circuits Group, under the supervision of professor Carlos Saavedra

in Queen’s University in the city of Kingston-On, Canada. The gain measurements were

performed from 50 MHz to 1 GHz and the P1dB measurements for 50 MHz, 500 MHz

and 1 GHz.

The gain and NF measurements are shown in Fig. 3.16 and the P1dB compression

point in Fig. 3.17, 3.18 and 3.19. All measurements are the average of 3 samples.

Unfortunately, neither the S-parameters nor the IIP3 could be measured for this

chip because of the limited available time in the laboratories that collaborated with the

measurements.

The table below summarizes the simulation and measured results. The measure-

ment results for P1dB were considerably better than what was simulated with post-layout

with RC extraction in some cases. Since both simulated and measured circuits were the



64

Figure 3.15: Chip RFAMS2015 being measured, one output at a time. Source: the author.

Figure 3.16: Measurements results for gain and NF. Source: the author.

5 0 . 0 M 2 0 0 . 0 M 4 0 0 . 0 M 6 0 0 . 0 M 8 0 0 . 0 M 1 . 0 G

0

2

4

6

8

1 0

1 2

1 4

1 6

Po
we

r G
ain

 an
d N

F (
dB

)

F r e q u e n c y  ( H z )

 O U T P
 O U T N
 N F O U T P
 N F O U T N

Figure 3.17: Measurements results for outp (left) and outn (right) P1dB at 50 MHz.
Source: the author.
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same, some hypothesis are that either the PSS simulation was not precise when consider-

ing an RC-extracted layout or the real circuit had some additional parasitic elements that

improved the linearity response.

The measured input referred 1-dB compression point shows that the WBLNA+Buffer
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Figure 3.18: Measurements results for outp (left) and outn (right) P1dB at 500 MHz.
Source: the author.
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Figure 3.19: Measurements results for outp (left) and outn (right) P1dB at 1 GHz. Source:
the author.
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has indeed a very good linearity, since its best IIP3 at 50MHz for OutN can be estimated

to be around +6.4 dBm and at 50MHz and 1GHz for OutP to be around +3.6 dBm. Al-

though the measured gain for OUTN was half of what was expected, which could explain

its good linearity results, the OUTP linearity results were also very good despite the high

measured gain. The OUTP branch is the one out of the feedback inverter with the diode

on its output.

There was no room on the shared chip area to fabricate the buffer in order to de-

embed the measured results for the WBLNA alone and also that would not be a priority

over the S-parameters that were not measured due to the limited available time in the

laboratories that collaborated to this work.
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Table 3.3: Simulation vs Measured results
OutP OutN

Sim. Meas. Sim. Meas.
Gain 11.5-13dB 5.5-14dB 11-12dB 4.1-8.1dB
NF 3.5-5dB 2.2-6dB 5-7.8dB 7.8-9.5dB

P1dB50MHz -15.5dBm -6dBm -15.5dBm -3.2dBm
P1dB500MHz -16dBm -11dBm -16dBm -5.7dBm
P1dB1GHz -14.5dBm -6dBm -14.8dBm -13dBm

3.2 2-decades Bandwidth and ESD Protection

This second topology for wideband LNA developed in this work incorporated the

ESD protection at both the input and the output. The topology was based on the previous

one, but the bias was set up differently and the transistor sizing was also different. The

objective was to push the topology for the maximum bandwidth with ESD protection and

maintain the other design parameters in a similar performance of the first design.

The wideband range extends from HF to UHF which includes, among others, the

ISM bands (27.12 MHz, 40.7MHz, 434.79 MHz, 928 MHz), the GSM850 and GSM900

bands, and IEEE 802.22 WRAN bands (54 MHz - 862 MHz).

This topology operates also as a balun (single-ended input - differencial output)

and its layout presents a very small area, an important savings resulting from an induc-

torless design. An auxiliary amplifier was introduced so that a high gain and a high IIP3

can be achieved with low Noise Figure (NF). The linearity was improved using a distor-

tion cancellation strategy and the NF was improved through a noise canceling technique.

The amplifier was implemented in a 130 nm CMOS process, using a PDK from Silterra

foundry, in a compact 77µm x 54µm core area.

The design strategy for this topology is very similar to the first design presented

in the previous section, but it is also explained here in order to specify the differences, so

as to make this section independent from the previous one regarding the reading of this

thesis. This topology description has been published in (Costa; Klimach; Bampi, 2015).

This WBLNA circuit topology is shown in Fig. 3.20. Transistors M1-M2 and

resistor RF compose the self-biased main amplifier of this topology. An extra load, tran-

sistor M3, operates as a diode. M3 gives the designer an extra degree of freedom to

adjust the IIP3 of the main amplifier. The M3 bias current is chosen to be 2%-3% of

the current of M1, in order not to interfere significantly in the gain of the main amplifier

(gm3�(gm1+gm2)). All small signal analysis was done neglecting the parasitic capaci-

tance and transistor parasitic AC series resistance (rds). The input impedance is given
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by:

RIN =
1 + gm3RF

gm1 + gm2 + gm3

≈ 1

gm1 + gm2

(3.11)

If the rds of the transistor is of the same order of magnitude as the value of RF ,

it must be considered. In this work, RF was more than 10 times smaller than the rds of

the transistor, so it was ignored in this analytical model. The effect RF has in the input

impedance is very small and was only used to optimize the design after it was complete (as

described in sub-section A of this section). The input impedance RIN must be matched to

the signal source impedance RS , leading to a first order estimation of: gm1 + gm2 = 1/RS .

The small signal voltage gain of this main amplifier is given by:

AVMAIN
=

1− (gm1 + gm2)RF

1 + (gm1 + gm2)RS + gm3(RF +RS)
(3.12)

neglecting gm3 , assuming RF � RS and input impedance matching (RIN = RS),

AVMAIN
≈ −RF (gm1+gm2)

2
. This first-order estimate of the voltage gain for the main am-

plifier is valid under the assumption of low RS (usually 50 Ω) and for a correctly matched

input impedance.

The main amplifier has its bias stability set by the feedback resistor RF . The gate

of M1 is connected to the gate of M4 in the first auxiliary amplifier. The bias of the main

amplifier is set by gm1 and gm2 . The bias of the second stage of the auxiliary amplifier is

set by the output of the first stage of the cascade.

The auxiliary amplifier is composed byM4,M5,M6 andROUT , implementing two

cascaded common-source (CS) amplifiers. The first CS amplifier has a diode-connected

NMOS load (M5) in order to have a very low and linear gain, while penalizing with the

addition of the flicker noise generated by M5 itself. The small signal gain of the first

stage is AVAUX1
= −gm4

gm5
. The second CS amplifier uses a resistive load. Low frequencies

around 50 MHz were targeted, so an active load was avoided here to reduce the flicker

noise at the output. The small signal gain of this stage is AVAUX2
= −gm6ROUT , which

leads to a total again at the differential output of:

AVTOTAL
= − RF

2RS

− gm4gm6ROUT

gm5

(3.13)
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Figure 3.20: The LNA circuit topology. Source: the author (Costa; Klimach; Bampi,
2015).
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The main and the auxiliary branches of the amplifier were designed to have the

same voltage gains, while both stages of the auxiliary amplifier were also designed to

have almost the same gain. In this LNA design, each branch was designed to offer a

voltage gain around 8-9 V/V in order to reach a total maximum gain higher than 16 (24

dB). In the auxiliary amplifier, both stages have a voltage gain around 3 V/V each. Note

that gains higher than 3 would degrade IIP3 and would consume more current. The gain

of the first stage is naturally small due to the domination of the term 1
gm5

on its load.

The second stage can not have a high gain itself due to the linearity degradation. The

aim here is to have two small gains in order to build up the highest possible gain in the

auxiliary amplifier, resulting in the highest differential gain possible for the LNA, without

degrading the IIP3 and NF significantly.

In order to reduce distortion at the auxiliary amplifier output, both its stages were

chosen to have a very small gain. The first stage was chosen to have very low distortion

(very linear) with the diode connected load. Also, RF at the main amplifier can not be

set to a high value, as the distortion of the feedback main amplifier is directly propor-

tional to its value. There is an inherent trade-off in this design, between lowering the NF

by increasing RF and lowering distortion by decreasing RF . The optimal value can be

achieved with the use of the other degrees of freedom brought to this design by the M3
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sizing and by the auxiliary amplifier.

The consequence of the previously described strategy is the addition ofM5 Flicker

noise, which is amplified by the second stage in the auxiliary cascade. Reducing the

Flicker noise by swapping the position of M5 and ROUT was not implemented, due to the

linearity improvement strategy adopted.

The added flicker noise of M5 can not be removed, but can be reduced by the

increasing of the transistor area (WL), while keeping the aspect ratio (W/L) to maintain

the same gm. The transistor area can be increased up to the value at which the corner

frequency goes lower than the minimum band frequency of the amplifier, but at the ex-

pense of larger parasitic capacitances, requiring a tradeoff adjust between noise and gain

flatness. The flicker noise of M4 and M6 can also be reduced in the same way, and ROUT

is designed to be low (160 Ω) in order to reduce thermal noise.

The NF of a generic amplifier is given by (RAZAVI, 2011): NFamp = 1 +
V 2
nOUT

|α|2A2
V

1

V 2
nRS

, where V 2
nOUT

is the amplifier noise at the output, α is 1/2 for perfect input

matching, VnRS
is the source impedance noise and AV is the amplifier voltage gain.

In the main amplifier V 2
nOUT

= (4kTRF + 4kTγ(gm1 + gm2)
(RF+RS)

2

4
), whose two

terms are the output noise that result from the feedback resistor and from the transistors

when considering only thermal noise. Hence, for the main amplifier NFMAIN = 1 + 4RS

RF

+ γ(gm1 + gm2)RS , where the last term we seek to cancel at the output by virtue of the

auxiliary amplifier. Adding the noise of the auxiliary amplifier, the total NF (considering

only thermal noise) for the LNA is:

NF = 1 +
4RS

RF
+
A2
VAUXtotal

v2nAUX
RS

kTR2
F

(3.14)

where k is the boltzmann constant, T is the absolute temperature and v2nAUX
is the

input referred noise of the auxiliary amplifier given by:

v2nAUX
= 4KT

[
γ

(
gm4 + gm5

g2m4

+
g2m5

g2m4gm6

)
+

g2m5

Rg2m4g
2
m6

]
(3.15)

The diode connected transistor linearization technique was used in (ZHANG;

FAN; SINENCIO, 2009) in a common-gate (CG) amplifier. Here we use the same idea in

a CS amplifier and its linearization principle is explained as follows. Let us assume that

vg1 and vg3 are the gate voltages of transistors M1 and M3, respectively. The small signal
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drain currents that result from these gate voltages can be expanded in power series to the

cubic power (ZHANG; FAN; SINENCIO, 2009) as id1 = gm1vg1 + g21v
2
g1 + g31v

3
g1 and

id3 = gm3vg3 + g23v
2
g3 + g33v

3
g3.

Since vg3 is also the drain voltage of M1, it can be related to vg1 by vg3 = b1vg1 +

b2v
2
g1 + b3v

3
g1. Where b1-b3 factors can be estimated from electrical simulation. Since gate

and drain of M3 are tied at the same node, the two nonlinear small signal currents id1

and id3 are subtracted to define the output current i0. Keeping only the terms to the cubic

power results in i0 = id1 − id3, where:

i0 = (gm1 − b1gm3)vg1 + (g21 − b21g23 − b2gm3)v
2
g1

+ (g31 − b31g33 − gm3b3 − 2g23b1b2)v
3
g1 (3.16)

From Eq. (3.16) one can see that the third and second order distortion terms of the

output current are reduced by the id3 nonlinearity factors. Although M3 partially cancels

the linear term as well, it does not appreciably degrade the amplifier gain because its

transconductance is much lower than that of M1, since its aspect ratio is smaller.

The IIP3 adjustment is made by changing the ratio of M1 and M3 sizes. Since

it is difficult to model precisely the I-V curves in modern short-channel transistors, the

designer can optimize this relation via electrical simulations with models provided by the

silicon foundry itself.

3.2.1 Design trade-offs

The LNA topology described here can be designed depending on the application

requirements. In order to adjust its overall performance, the amplifier blocks that are high-

lighted by dashed rectangles in Fig. 3.20 can be optimized according to their influence in

the amplifier parameters.

In order to explore the topology possibilities, optimization directions can be taken

after the first rough design. The one taken in this work is shown bellow with the adjust-

ment strategies shortly described. This helps the designer to find the optimal point of the

topology.

1. RF is increased to the point of lowest NF and IIP3 near 0 dBm, also increasing gain

at the positive output; increase gm1,2 to compensate the S11 change; increase W of
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M3 to compensate the IIP3 loss due to the gain increasing and slightly increase gm6

to balance the gain at the negative output with no increase in NF.

As previously mentioned, in this design RF can not be chosen too high, since it

must be counterbalanced by gm1,2 to keep input impedance matching (RIN starts to be

affected by RF ), reflecting in power consumption increasing. In the auxiliary branch of

the LNA, ROUT should be low for lower thermal noise.

Table 3.4 shows the final transistor sizes after all the aforementioned optimiza-

tions. The electrical simulation results are presented in the next section.

Table 3.4: Device sizing.
MOSFETs SIZING

W(µm) L(µm) gm(mS)
M1 129 0.13 28.3
M2 135 0.44 10
M3 7.8 0.13 1.7
M4 255 0.15 48
M5 94.2 0.4 23
M6 94.8 0.13 24

3.2.2 Post-layout Simulation Results

After the full layout design of the circuit shown in Fig. 3.21, followed by para-

sitics extraction, the LNA was simulated in Cadence Virtuoso Spectre, using the Silterra

Malaysia 130 nm CMOS technology PDK. The simulation test-bench is shown in Fig.

3.22 and it includes estimated bondwire inductances (LBOND = 2 nH), PAD capacitances

(CPAD = 40 fF extracted from simulation of a 62 µm x 74 µm PDK library cell), ESD

protection (using 30µm x 2µm diodes in simulation) and external decoupling capacitors

(CACIN
= 500 pF and CACOUT

= 10 pF). A load composed by RL = 1.5kΩ and CL = 100

fF, which was estimated to be the input impedance of a differential wideband mixer was

also considered.

Package parasitics LBOND and CPAD were taken into account for the simulations,

degrading the performance of the LNA. In case the LNA is designed to be used as an

internal block of an application circuit, like in a RF front-end, results can be improved

further without them. The ESD protection used were double diodes at the input and each

output branches.

The layout of the LNA is shown in Fig. 3.21 and its simulation results are shown
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in Figs. 3.23, 3.24 and 3.25. The gain, NF and S11 are nicely flat in the 15.5 MHz - 1.55

GHz frequency band.

The topology presented a voltage gain above 20.8 dB and NF 2.7-3.7 dB in the

entire frequency band as can be seen in Fig. 3.23.The input impedance mismatch param-

eter S11 was adjusted to be less than -11 dB. The IIP3 is -0.4 dBm at 750MHz (middle of

the band) as can be seen in Fig. 3.24. The the worst case of output gain imbalance is 1.2

dB, as can be seen in Fig. 3.25, with both output gains separately showed. This LNA also

presented low sensitivity for gain, S11 and NF to temperature variations in the range from

0 to 85◦C, as shown in Fig. 3.26.

Figure 3.21: Layout of the LNA. M1, M2, M4, M5 and M6 used 15, 15, 6, 6 and 2
multipliers with 4 fingers each respectively. This picture is the layout of the MPW chip
which is going to be sent to fabrication via Silterra Malaysia foundry. Source: the author
(Costa; Klimach; Bampi, 2015).

Figure 3.22: Test-bench for extracted layout simulations. Source: the author (Costa;
Klimach; Bampi, 2015).

LNA

CPAD

LBOND

CACIN

RS

vIN

LBOND

CACOUT

RL

CL

LBOND

CACOUT

LBOND

LBOND

VDD
DESD

DESD

VDD

DESD

DESD

VDD

DESD

DESD

VDD



73

Figure 3.23: Post-layout voltage gain, NF and S11 simulation results for the LNA. Source:
the author (Costa; Klimach; Bampi, 2015).
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Figure 3.24: Post-layout IIP3 simulation results for the LNA at 750 MHz (middle of the
band). Source: the author (Costa; Klimach; Bampi, 2015).
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Figure 3.25: Gains from both output branches of the LNA, and output imbalance (in dB).
From AC simulations, with -80 dBm input power. Source: the author (Costa; Klimach;
Bampi, 2015).
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Figure 3.26: Temperature variation impact on gain, NF and S11 of the LNA. Source: the
author (Costa; Klimach; Bampi, 2015).
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Table 3.5: Comparison table with recently published wideband LNAs. The * means power
gain values.

Ref. BW Gain NF S11 IIP2 IIP3 Power Area Tech
BALUN

(GHz) (dB) (dB) (dB) (dBm) (dBm) (mW) (mm2) (nm)
(ZHANG; FAN; SINENCIO, 2009) 1.5-8.1 8.6-11.7* 3.6-6 <-9 7.6-23 11.7-14.1 2.62(core) 0.58 130 NO

(IM; NAM; LEE, 2010) 0.072-0.85 14.5* 3.6 - 38 2.5 11.52 0.08 130 NO
(CHENG et al., 2012) 0.1-1 11-18 2.8-4 <-10 - 1-12 12.3 0.003 160 NO

(Im et al., 2009) 0.04-1.2 16.4* 2.1-3.4 <-10 - 0 14.4 0.036 180 NO
(YOUSSEF; ISMAIL; HASLETT, 2010) 0.17-0.9 36.5 1.5 - - -11 18 - 65 YES

(XIMENES; SWART, 2011) 0.05-5 12* 1.4-2.4 <-10 - -7.89 15 0.08 130 NO
(RAZAVI, 2009) 0.05-10 18-20 2.9-5.9 <-10 14-19.5 -11.2-(-7) 22 - 65 YES

(BLAAKMEER et al., 2008b) 0.2-5.2 13-15.6 <3.5 <-11 >20 0-4.8 21 0.009 65 YES
(MOEZZI; BAKHTIAR, 2012) 0.32-1 18-23.5 2.2-2.7 <-10 - 0@600MHz 15.3 0.1 180 NO
(KUO; KUO; CHUEH, 2009) 0.15-1 22-24(14.3*) 2.5-2.9 <-10 10 -0.5 3 0.06 130 YES

(IM, 2013) 0.5-1.1 10* 2.9-3.1 - 12.5 7.5 18 0.07 180 NO
(LIN et al., 2014) 3-10 13.7* 2.3 <-10.7 - -0.2 18 0.39 180 NO

This design 0.0155-1.6 20.8-24.9 2.7-3.7 <-11 9@750MHz -0.4@750MHz 10 0.0042 130 YES

3.2.3 Comparison Table

Table 3.5 presents performance parameters that can be used to compare this de-

sign with twelve other wideband LNA circuits published in the literature since 2009, for

processes from 180 nm to 65 nm.

This LNA presents the highest gain and 2nd smallest area among the LNAs with

near 0 dBm or positive IIP3, relaxing the requirements for the mixer connected at the

output. This design presents the 2nd smallest silicon area, but the first smallest presents a

lower gain and highest NF.

The work in (COSTA; KLIMACH; BAMPI, 2015) presented an LNA with similar

methodology but different specifications focusing only the IEEE 802.22 band and using

a different CMOS technology. The results in (COSTA; KLIMACH; BAMPI, 2015), in

IBM 130 CMOS, achieved a gain of 23.7 dB, NF < 3.6 dB, IIP3 > 3.3 dBm and S11 <

-16, over a smaller range of input frequencies.
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3.3 1-decade Bandwidth, High IIP3 and Small Area

Continuing to explore more options of wideband LNA configurations, it was no-

ticed that the resistive-feedback inverter has been widely used as a main amplifier in noise

canceling topologies. This circuit presented a moderate gain, low NF and IIP3 around 0

dBm due to the feedback. It is self-biased but it also has the option of being biased by a

separate current mirror to make it more robust to voltage supply noise.

In this section, a different design approach for the resistive-feedback inverter is

presented. The convencional design strategy is to start designing the input impedance

matching of the resistive-feedback inverter, which locks each transistor gm to 10 mS, in

order to add up to 20 mS for a 50 Ω input match. The problem with this approach is

that locking the transistors gm in the beginning of the design limits the other performance

parameters such as NF and IIP3. In practice, the input impedance matching won’t be ideal

and the total gm will not be 20 mS.

The approach developed in this section takes advantage of the non-ideal require-

ment of the input impedance matching. Thus, instead of locking the transistors gm to 10

mS each, the design starts with the open-loop inverter voltage gain. The designer has to

keep in mind to maintain each transistor gm on the same order of magnitude of 10 mS, so

as not to degrade too much the input impedance matching later. As an example of how

far can the input impedance be from 50 Ω, the equation for the S11 can be observed below

(RAZAVI, 2011):

S11 =
RIN −RS

RIN +RS

(3.17)

S11dB = −20log|S11| (3.18)

(3.19)

For an S11 < -10 dB, RIN can be as low as 26 Ω. But it is desirable to provide

a safe margin for variability inside the IC, but as this circuit has feedback, the variability

will have a low impact on the final S11. Thus, an S11 < -12 dB can be expected to be a

good value. Then, the RIN can be as low as 30 Ω, which is a lot of freedom to improve

the other design parameters. Besides, if the transistors rds values are close to the feedback

resistor RF , their influence on the input impedance matching has to be considered, giving

even more degrees of freedom in the design. Thus, the main idea is to overdesign the
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open-loop inverter voltage gain, since it will be reduced by the feedback and improve the

overall parameters as described in detail below.

This design has been published in a more compact format in (Costa; Klimach;

Bampi, 2017).

The design of this LNA starts with the CMOS inverter as showed in Fig. 3.27, CIN

andCOUT are AC coupling capacitors andRL andCL compose the load (much higher than

the amplifier output impedance). This amplifier does not provide input impedance match-

ing, thus the first concern of the designer is to set its voltage gain. For this work, a final

voltage gain higher than 10 dB was intended, so initially, a 25 dB value was defined for

the CMOS inverter, since it is expected to be reduced after the feedback resistor is added,

in order to have a good IIP3. The voltage gain of the inverter is showed in the following

equation, neglecting parasitic capacitances (which limits bandwidth essentially):

AV = −(gmN
+ gmP

)(rdsN//rdsP ) (3.20)

Figure 3.27: Simple inverter with no feedback. Source: the author (Costa; Klimach;
Bampi, 2017).
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As the PMOS transistor has a lower carrier mobility than the NMOS transistor, it

is expected a WP /WN ratio of 2 or 3, in order to achieve similar gm and rds values in both

transistors. As increasing the gm value, decreases the rds value, the WP /WN ratio will

set the voltage gain for this design. The bias of both transistors was set to be the same,

in order to profit from the self-bias feature of the final resistive-feedback amplifier. This

also implied in setting the bias (VG) to be VDD/2, since both transistors should operate

in similar bias conditions, in order to present similar non-linearity effects. The negative-

feedback provided by the resistor ensures a stable DC operating point. As the amplifier
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is biased in strong inversion, a small variation in VDD will not degrade too much the

performance (bias) as it is going to be shown in the Results section. The best ratio for

WP /WN was found to be slightly higher than 3 for the 25 dB gain.

Up to this point, the designer has a NF requirement to comply with and the ampli-

fier must be adjusted to fit into it. Neglecting the flicker noise for this frequency range, the

MOS transistor output thermal noise density can be approximated, in strong inversion, by

the following equation:

V 2
nOUT

= 4KBTγ
1

gm
(3.21)

where KB is the Boltzmann constant, T is the absolute temperature, and γ is the

excess noise coefficient. Therefore, a linear increase in gm will reduce the noise voltage as

a square root order, thus improving the NF of the amplifier. However, as the gm increase

is achieved by increasing the transistor W (for the same bias), it limits bandwidth and

increases power consumption. Thus, the designer must increase the transistor size up to

the NF requirement plus his margin for layout/fabrication. Any improvement above this

can waste bandwidth. The NF requirement taken for this work was NF < 3 dB.

The IIP3 has not been designed in this phase of the design, varying from -5 to 5

dBm levels, however, when the feedback resistor is inserted, the variation reduces.

The designer must keep in mind that the gm values must not be higher than around

twice the required value for the input impedance matching when the feedback resistor is

added, since at least -10 dB of S11 is desired. Due to the large transistors sizing, the 3 dB

bandwidth was 300 MHz to 1 GHz with a 27 dB voltage gain. However, as it is expected

to reduce the gain to 15 dB with negative feedback, in order to improve IIP3 and input

impedance matching, the GBW remains constant and the bandwidth will increase. In this

work, the achieved bandwidth was 300 MHz to 3 GHz in the final amplifier.

The first step of sizing the inverter is complete with the partial design values and

results showed in table I for the partial bandwidth of 300 MHz - 1 GHz.

Table 3.6: Partial device sizing @8mW.
MOSFETs SIZING

W(µm) L(µm) gm(mS)
MN 90 0.12 49.4
MP 333 0.12 52.3

Parameter Gain (dB) NF (dB) IIP3 (dBm)
24-27 1.05-1.3 -5 to 5

The next step is the calculation of the feedback resistor RF , which is now inserted
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in the circuit as shown in Fig. 3.28. The input impedance is the main concern of the

designer at this point, thus, theRIN equation for the resistive feedback amplifier is showed

below:

RIN =
1 + RF

rdsN //rdsP

gmN
+ gmP

(3.22)

Figure 3.28: Resistive-feedback inverter. Source: the author (Costa; Klimach; Bampi,
2017).
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The rds of the transistors must be taken into account, since RF is going be at the

same order of magnitude. As the transistors are large, their rds values are low and RF

must also be low in order to have a good impedance matching and IIP3. The chosen value

for RIN was around 30 Ω, implying a S11 = -12 dB for a 50Ω source impedance. The

equation for the S11 calculation used is repeated below for convenience:

S11 =
RIN −RS

RIN +RS

(3.23)

S11dB = −20log|S11| (3.24)

The S11 simulation was carried out with a common-drain buffer to 50Ω at the

output to avoid reflection.

As the values of rdsN was 315 Ω and rdsP was 217 Ω designed in the inverter phase,

the RF value chosen was 266 Ω to meet the S11 specification. The voltage gain decreased

to 15 dB and the bandwidth increased up to 3 GHz. A high value was avoided since it

degrades IIP3 (distortion increases with the RF value due to feedback). The voltage gain

now depends heavily on the value of RF and so does the NF (inversely), following the

equations shown below:



79

AV =
1− (gm1 + gm2)RF

1 + (gm1 + gm2)RS

(3.25)

NF = 1 +
V 2
nOUT

|α|2A2
V

1

V 2
nRS

(3.26)

NF = 1 + 8

[
1

RF

+
γ(RF//(rdsN + rdsP ))2

(gmN
+ gmP

)

]
(3.27)

The transistor sizing was maintained the same as before, just adding the feedback

resistor. The gain reduced to 13.7 - 15.5 dB and the bandwidth increased to 300 MHz - 3

GHz. The NF = 2.3 - 2.5 dB and the IIP3 = 4.8 - 7.3 dBm.

The final step in this design is to optimize the circuit for power consumption. Thus,

the direction is to reduce the transistor sizes as much as possible. As the gain depends

heavily on the feedback resistor, now there is more freedom in the WP /WN ratio value.

Thus, this ratio can be lowered now with no impact on voltage gain. Therefore the large

value of 333 µm for the WP can now be reduced at the cost of increasing its noise. Thus,

as WN was only 90 µm, the best trade-off for power consumption was to exchange a

reduction in WP with an increase in WN . This reduced 1.2 mA of drain current, dropping

from 6.6 mA to 5.4 mA. The final sizing of this amplifier is shown in table II.

Table 3.7: Final device sizing @6.5mW.
MOSFETs SIZING

W(µm) L(µm) gm(mS)
MN 120 0.12 54.9
MP 180 0.12 32.9

Parameter Gain (dB) NF (dB) IIP3 (dBm)
14.3-15.3 2.35-2.73 4.3 to 5.7

In the next section, the pos-layout results are discussed.

3.3.1 Post-layout Simulation Results

The LNA was fully designed, laid out in CMOS 130 nm technology, the parasitics

were extracted using Cadence Virtuoso (TM) and Cadence Spectre (TM) for post-layout

simulations. The test-bench is shown in Fig. 3.28. A load composed by RL = 1.5 kΩ and

CL = 100 fF was also considered. This load was provided from a passive mixer designer

in our group that is going to be connected to this LNA.

The layout of the LNA is shown in Fig. 3.29 and its simulation results are shown
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in Figs. 3.30, 3.31. The layout area considering the chosen AC coupling capacitors is

0.055 mm2. The active area is 0.0012 mm2. The gain and NF are nicely flat in the 0.3

GHz - 3 GHz frequency band. The S11 is -14.3 to -10.5 dB in the entire band after layout.

The topology presented a voltage gain of 13.1-15 dB and NF 3.4-3.6 dB in the

entire frequency band as can be seen in Fig. 3.30. The IIP3 is presented in Fig. 3.31,

achieving 4.7 dB to 5.3 dBm in the whole band. The total drain current is 5.4 mA.

Although, this circuit was not designed for low line sensitivity, it can support a 90

mV decrease in VDD maintaining S11 < -10 dB, NF < 3.9 dB, IIP3 > 4 dBm and voltage

gain > 12.7 dB in the entire band.

Monte Carlo simulations were run for 1000 samples for gain, NF, S11 and IIP3.

The variability results were gain = 11.86 - 16.5 dB, NF < 4 dB in the 1 GHz-3 GHz band

and NF < 5 dB for all 1000 samples, and the S11 = -18 to -8.7 dB. As can be seen in Fig.

3.31, the worst case IIP3 value occurs near 1 GHz. Thus, Monte Carlo simulations were

run at this point. The IIP3 kept its value above 3.3 dBm for all 1000 samples.

The great advantage of this design, is the small silicon area occupied when com-

pared to other designs with similar performance. It occupies only 30 µm x 40 µm in

silicon, getting to a total of 173 µm x 319 µm if the AC coupling capacitors are included.

The choice for this design was CIN = 150 pF and COUT = 30 pF. This is up to the designer

to chose, depending on the application and blocks connected.

Figure 3.29: Layout of the LNA (left) with AC coupling capacitors. Zoom of the LNA
core (right). Source: the author (Costa; Klimach; Bampi, 2017).
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Figure 3.30: Results for voltage gain, NF and S11. Source: the author (Costa; Klimach;
Bampi, 2017).
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Figure 3.31: Results for IIP3 over bandwidth (6 MHz two-tone spacing) and Monte Carlo
simulations of 1000 samples at worst case 1 GHz. Source: the author (Costa; Klimach;
Bampi, 2017).
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3.3.2 Comparison Table

Table III presents the performance parameters used to compare this design with

other wideband LNA circuits published in the literature, for processes from 65 nm to 250

nm.

Among the designs that provide a positive IIP3, this design presents at least a 10x

smaller silicon area and lower power consumption, having similar NF and bandwidth per-

formance. Even if AC coupling capacitors areas are taken into account (0.05 mm2 total),

only reference (BLAAKMEER et al., 2008b) has a smaller area, but 3x higher power

consumption. Besides, this design is very simple due to the use of a single amplifier. As
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Table 3.8: Comparison table with recently published wideband LNAs. The * means power
gain values. Index 1 are for measured and 2 for simulated designs.

Ref. BW Gain NF S11 IIP3 Power Area Tech VDD

(GHz) (dB) (dB) (dB) (dBm) (mW) (mm2) (nm) (V)
(BRUCCOLERI; KLUMPERINK; NAUTA, 2004)1 0.15-2 13.7 2.4 <-8 0@900MHz 35 0.075 250 2.5

(IM; NAM; LEE, 2010)1 0.07-0.85 14.5* 3.6 <-8 2.5 9.6 0.08 130 1.2
(BLAAKMEER et al., 2008b)1 0.2-5.2 13-15.6 <3.5 <-10 0-6 21 0.009 65 1.2

(COSTA; KLIMACH; BAMPI, 2015)2 0.05-1 23.7-25.5 2.4-3.6 <-16 3.3-7.6 17 0.01 130 1.2
(PARVIZI; ALLIDINA; EL-GAMAL, 2015a)1 0.1-7 12.6(max) 5.5-6.5 <-10 -6∼-9 0.75 0.23 90 0.5

(WANG; ZHANG; YU, 2010a)1 0.2-3.8 10* 2.8-3.4 <-9 -4.2 0.025 5.7 130 1
(Costa; Klimach; Bampi, 2016b)2 0.05-1 18-20.3 3.1-3.8 <-13 -13∼-10 6.7 0.05 130 0.6

This design2 0.3-3 13.1-15 3.4-3.6 <-10.5 4.7-5.3 6.5 0.0012 130 1.2

this circuit is self-biased in strong inversion, there is no need for extra voltage sources for

biasing. Also, this design has low sensitivity to process and mismatch variations as shown

in Fig. 3.31. This design has worst case IIP3 value, at 1 GHz, above 3.3 dBm, for 1000

samples Monte Carlo simulations at this frequency.

The great advantage of this design is to achieve a very good performance with no

need for a noise canceling topology, which saves area and heavily simplify the design of

the circuit. There is still room to use a separate current mirror to bias and improve the

voltage supply noise rejection. This design can also be used in a noise canceling topology

to get even better results.

However, the auxiliary amplifier has to have a similar performance, exception-

ally regarding the linearity, since in a noise canceling topology there is also a distortion

cancellation at the output (BLAAKMEER et al., 2008b) which is only effective if both

amplifiers of the topology have similar distortion characteristics so that the resulting lin-

earity will be improved. That is the motivation for the development of the next LNA,

which is based in a common-gate amplifier.

3.4 1-decade Bandwidth, High IIP3, Low Power, Small Area and Low Sensitivity to

Variability

The resistive-feedback inverter is a great amplifier to be used in noise canceling

topologies since it can achieve a very good performance such as the one achieved by

the design strategy presented in the previous section. However, if it is to be used in a

noise canceling topology, the auxiliary amplifier has to provide a similar performance,

exceptionally regarding the linearity.

A good candidate to be an auxiliary amplifier in a noise canceling topology that
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contains a resistive-feedback inverter is a common-gate amplifier, since it is a non-inverting

amplifier and, besides its naturally high NF, its noise can be canceled by the resistive-

feedback inverter. In order to improve the linearity performance of the common-gate

amplifier, a study has been carried out on the third order derivative of the output current

and voltage to analyze its behavior with respect to the bias voltage/current and the drain

voltage level.

It was found that the output current non-linearity has a region where it remains

very low regardless of the VGS and VDS of the transistor. Some works have developed

techniques to cancel non-linearity terms by using different transistor types such as BJTs

and MOSFETs and achieve a single point of zero value of the third order non-linearity ().

The problem with this strategy is that the IC process is susceptible to variability, which

causes the zero point to slide into a different value that the one the circuit was biased to.

In this design, a long range for the transistor VGS and VDS is allowed and the

amplifier can still maintain a high linearity. This long range of bias voltages values can

allow variability to take its place and to not degrade the amplifiers performance. The

key to enable this behavior to happen is to use a composite load with a PMOS transistor

and a resistor in the configuration as explained in detail below. This topology does not

use the current injection method, which would set the majority of the output current to

pass through the PMOS transistor instead of the resistor. In this design, the opposite

is implemented. The majority of the current passes through the resistor and the PMOS

transistor only enhances the high linearity region to reduce the sensitivity to variability.

Figure 3.32: The circuit (left) and its biasing model (right). Source: the author.
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The CG circuit is shown in Fig. 3.32 (left). It uses a diode-connected PMOS MP

in parallel with a resistor RD composing the load to the main transistor drain current. The

biasing model shown in 3.32 (right) is used when choosing the gate voltage VG and the

drain current. The transistor signal current can be expanded in power series in order to

analyze its non-linearity:

iout = gmvin + α2v
2
in + α3v

3
in + ... (3.28)

The α3 magnitude is related to the amplifier IIP3, so that a smaller α3 corresponds

to a high IIP3. From the configuration of Fig. 3.32 (right), the α3 vs VG is shown in Fig.

3.33 under two conditions: fixed VD for several values of ID (left), which is controlled by

the bias resistor RB, and fixed bias current for several values of VD (right).

Figure 3.33: Current α3 vs VG for several ID (left) and varying VD (right). Source: the
author.
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For a particular value of VD (0.7V) in Fig. 3.33 (left), in region A, the α3 value

is small, reasonably flat and the current level only stretches it horizontally. Thus the VG

value can be chosen to be in the middle of region A in order to have a good α3 stability to

VG variations and the current level can then be chosen to avoid the reduction of region A.

This leads to the next step of the α3 analysis, which is the VD definition. In Fig. 3.33, the

smaller the value of VD, the shorter the span of region A. Thus, VD must be chosen such

as to allow a long span for region A so as to have a small α3 for several values of VG. Two

conclusions for the designer: 1) region A is preferable for VG biasing and 2) high current

level and low VD values degrade region A.

The signal voltage gain of this CG amplifier (neglecting parasitics) at first order

estimation, is: AV = gmROUT . Since the gm is defined around 20 mS for input impedance
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matching to 50 Ω, the output impedance ROUT determines the gain. For AV > 10dB,

ROUT must be chosen higher than 250 Ω. This is a reference value, which can be changed

depending on the S11 requirement for gm. In this case, S11 < -10 dB.

This design is focused on IIP3 improvement. Since the NF is not a primary con-

straint, it will be later verified. The CG amplifier has intrinsically a higher NF than other

basic single transistor configurations, then a value around 5 dB or less can be expected.

The NF is 10logF, where F is the noise factor for this CG amplifier given by:

F = 1 +
V 2
nOUT

|α|2A2
V

1

V 2
nRS

(3.29)

F = 1 +RS

[
RIN(gmN)2 + γ(gmN + gmP ) +

RD

R2
OUT

]
(3.30)

According to Fig. 3.33, the designer must choose ID and VD to define a region

A for VG and gm = 1/RS in order to provide input impedance matching. The design

equations, considering gm = 1
RS

, VOD=(VGS-VT ), VOD = 2ID
gm

,VDS ≥ VOD, are:

VR = VD − VDS (3.31)

RB =
VD − VOD

ID
=
VD
ID
− 2RS (3.32)

Once VG and VD are chosen and the above equations are solved, the transistor

width is set. As hand calculation is not precise for CMOS 130 nm nodes, around 30%

in values adjustment might be needed to achieve the given specification. The final design

sizing for the main transistor and RB to provide a wide region A, are: RB = 200Ω, VG =

920 mV, VD = 710 mV and W = 150 µm.

At this point, the transistor output current was set along with its α3 behavior. Now

the current to voltage conversion through the composite load can be designed.

Initially, only a resistor is considered as a load so as to observe the voltage α3,

which is a vertically mirrored version of Fig. 3.33 (right) for a given VD. Then a parallel

PMOS transistor, MP , is added as a non-linear load to move the low α3 region into a high

VG operating region, as previously desired for the current.

As this work does not use current injection, the PMOS current must be very low

if compared to the resistor current. In this way, the gain is dominated by the main tran-

sistor gm and the resistor RD. The resistor must be designed to meet the voltage gain
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specification and the chosen VD value. Thus, RD = 300 Ω was chosen to yield AV = 15

dB.

The α3 of the output voltage is shown for both the resistor alone and the composite

load in Fig. 3.34 (left) and for several PMOS current levels (right), with constant RD,

since this was already chosen to define the voltage gain. It can be seen in 3.34, that the

composite load provides a wider region A and a lower value of α3 for the output voltage.

The current level on the PMOS resulted 13% of the RD current in order not to degrade

the voltage gain and to provide a wide voltage span in region A.

Figure 3.34: Voltage α3 vs VG with/without PMOS (left) and varying IPMOS (right).
Source: the author.
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3.4.1 Post-layout Simulation Results

The LNA was designed, laid out in CMOS 130 nm technology and parasitic were

extracted using Cadence Virtuoso (TM) and Cadence Spectre (TM) for post-layout sim-

ulations. The output load is RL = 1.5 kΩ and CL = 100 fF, which is an input impedance

of a passive mixer. The VG bias voltage was generated by a simple transistor+resistor

configuration.

The layout of the LNA and the simulation results are shown in Fig. 3.35. The

layout area considering the output AC coupling capacitor is 0.003 mm2 and the active

area only 0.001 mm2. The 500 pF input AC coupling capacitor is external. The gain and

NF are nicely flat over the 0.2 GHz - 2 GHz bandwidth. The S11 is -12.6 to -10.6 dB.

The topology presents a voltage gain of 10-12.5 dB, NF 4.1-4.5 dB and IIP3 =

2.75-12 dBm for the 0.2MHz-2GHz bandwidth. The total drain current is 1.8 mA.
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Table 3.9: Comparison table.
Param. (IM; NAM; LEE, 2010) (CHENG et al., 2012) (BALANKUTTY; KINGET, 2011) This work

BW (GHz) 0.05-0.86 0.1-1 0.17-3.17 0.2-2
AV (dB) 14.5 12-17 LNTA 10-12.5
NF (dB) 3.6 4-4.8 2.4-3.1 4.1-4.5
S11 (db) <-8 <-8 <-10 <-10.6

IIP3 (dBm) 2.5 1-11.5 20.8 2.75-12
Power (mW) 9.6 14 16.4 2.1
Area (mm2) 0.08 0.003 0.07 0.001

Monte Carlo (MC) simulations were run for 1000 samples for gain, NF, S11 and

IIP3. The variability results in the 0.2 - 2 GHz band for all 1000 samples are: voltage

gain = 10.2 - 13.2 dB, NF = 3.5-5 dB and S11 = -18 to -8.7 dB. The IIP3 Monte Carlo

simulations were carried out at the frequency edges of 200MHz and 2 GHz, where the

results of µ and σ are shown in Fig. 3.36. For the worst case frequency of 2GHz 3σ, for

3σ, the IIP3 > 0.57 dBm.

The main advantage of the presented LNA design strategy is a high IIP3 with

a small silicon area and low power consumption as shown in Table 3.9. Its main core

occupies only 30 µm x 35 µm or 87 µm x 35 µm if the output AC coupling capacitor is

included. The AC coupling capacitors are CACIN
= 500 pF (external) and CACOUT

= 4.8

pF.

Figure 3.35: Voltage gain, NF, S11 and IIP3 (left) and Circuit Layout (right). Source: the
author.
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The drawback of this topology is the reasonably high NF for a wideband LNA

compared to others using noise canceling topologies. However, the IIP3 low sensitivity

to variability can be of great advantage if this design is inserted in a noise canceling
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Figure 3.36: Worst case IIP3@2GHz (left) and best case IIP3@200MHz (right). Source:
the author.
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topology, since it will take advantage of all its great performance of the other parameters

and its only drawback, which is the noise, will be canceled by the auxiliary amplifier.

Thus, this design can be considered a building block for an improved noise canceling

topology for great linearity results and low sensitivity to variability.

3.5 Ultra-low Voltage Designs

In this thesis, all wideband LNAs were designed to be voltage amplifiers. For volt-

age amplifiers using transconductor elements such as transistors, their basic fundamental

is to receive a voltage at the input, turn it into an output current using the transconductor

and use a load to convert it back to voltage at the output. The choice of designing a volt-

age amplifier limits its linearity in a sense of the output voltage swing. However, as these

voltage amplifiers are to be used as LNAs in a receiver, the input voltage signal level is

expected to be very low, which having around 1 V of output voltage swing is more than

enough to allow an output signal level of up to 4 dBm. In such cases the LNA would not

be operating anyway, since the signal level is already too high.

In order to reduce the power consumption in a voltage amplifier, one could either

reduce the bias current or the voltage supply (for LNAs that are turned on at all times and

do not have any switching mechanism). In this thesis the strategy adopted was to reduce

the voltage supply. Thus, two WBLNA topologies were designed for ULV operation. One

for 450 mV voltage supply and another to 600 mV voltage supply.

The 600 mV version achieved a very high IIP2. The 450 mV version dissipated
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only 2 mW of power, which is lower than the 600 mV version, but at the cost of a reduced

IIP2 and with degraded overall parameters. This performance can be improved if a smaller

than 130 nm technology node is used, such as 65 nm or 40 nm. Each of these versions

are explained in detail below and they were published in (Costa; Klimach; Bampi, 2016b)

and (Costa; Klimach; Bampi, 2016a).

3.5.1 450 mV Voltage Supply version

This very low voltage for an RF amplifier makes use of low-VT PMOS transistors

and zero-VT NMOS transistors. All the NMOS transistors have the same bias, set by the

feedback of the main amplifier. This choice was made in order to reduce the sensitivity

to variability that is natural in the low-VT PMOS and zero-VT NMOS transistors. The

strategy in this topology was to use the second amplifier in the auxiliary branch to set

the load of the first amplifier. This is required since, as described in detail in the first

wideband LNA designed in this thesis, the first amplifier in the auxiliary cascade has to

have a very low gain. This strategy was used also to reduce the impact on the bandwidth

caused by a large diode load in the first amplifier of the auxiliary cascade.

The topology description and the design strategy is explained in detail below.

This topology has been published in a more compact format in (Costa; Klimach; Bampi,

2016a).

The design of every noise-canceling LNA is composed by, at least, two branches

of signal path. One where the main amplifier is responsible for input impedance matching

and another containing the auxiliary amplifier, which is able to cancel the main amplifier

noise at the output. In (COSTA; KLIMACH; BAMPI, 2015), a cascaded auxiliary ampli-

fier was proposed, in order to break the NF-IP3 trade-off and improve the LNA overall

parameters. In this topology, we propose a different cascaded auxiliary amplifier, suited

for ULV operation and self-biased.

When choosing the basic amplifiers to insert in the main and auxiliary branches,

the designer must have in mind the role of each block, exceptionally when operating under

a 450 mV supply of a CMOS 130 nm process with 1.2V of nominal voltage supply. If a

smaller node process is available, such as 90 nm or 45 nm, the results can be even better

or the voltage supply could be decreased below 450 mV, using the same strategy.

The main amplifier in this circuit is responsible for input impedance matching and

half the gain at the differential output, as its noise is going to be canceled by the auxil-
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iary branch. Among the basic amplifiers, the ones that provide a good input impedance

matching are the Common-Gate (CG) and the resistive-feedback inverter. The latter is a

preferable choice, as only half the 20 mS gm value in each transistor is needed to achieve

a 50 Ω matching, which is an extremely important feature under ULV gain limitations.

Also, the resistive-feedback can be self-biased.

In the auxiliary branch, the challenge of ULV operation is greater, since its noise

is not going to be canceled at the output. The first stage must have the least influence pos-

sible in the input impedance matching and have a low gain, delivering the least possible

distortion to be amplified by the second stage. The least value for NF in this first stage is

also required, since its NF dominates the auxiliary branch. In this situation, a simple CS

amplifier is good enough for the NF requirement, but its gain is too high to be inserted as

the first stage of the auxiliary branch, causing too much distortion. Lowering its gain by

loading it with a small impedance would imply in a large transistor size, to compensate

its NF loss, degrading the bandwidth of the input impedance matching due to the large

size of the transistor parasitic capacitances. However, if the first stage load could be set

by the input impedance of the second stage of the cascade, it would give more degrees

of freedom to size the transistor of the first stage, in order not to disturb the bandwidth

of the LNA input impedance matching. In order to implement this idea, the second stage

was chosen to be another resistive-feedback CS amplifier to support the first stage being a

simple CS amplifier. In this auxiliary branch setup, the first stage gain is set by the gm of

the transistors in the second stage, which in turn, has its gain adjustable by the feedback

resistor. All independently adjustable, closing the auxiliary branch topology design with

a small gain, small transistors in the first stage and a high gain in the second stage. The

LNA topology is shown in Fig. 3.37.

The transistor M3 is a load diode that helps the linearity improvement of the main

amplifier. Its bias current is 1-2% of the current of M1, in order not to interfere signifi-

cantly in the gain of the resistive-feedback amplifier (gm3 << (gm1+gm2)). The purpose

of M3 is to cancel non-linear terms of M1 current and to improve the IP2 and IP3 as used

in (COSTA; KLIMACH; BAMPI, 2015).

All small signal analysis were done neglecting the parasitic capacitances. Care

must be taken with the transistor size, which can decrease the bandwidth. The purpose of

this analysis is to give an insight for the designer of how the circuit behaves and which

variables are most important for the electrical design. As in modern nanometer CMOS

technologies the transistor is very difficult to model, simulation models such as BSIM,
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which contains hundreds of parameters, make electrical simulations a good approach to

achieve the desired gm under the specified transistor bias.

The input resistance of the LNA is dominated by the resistive-feedback inverter in

the main branch, which is given by (considering the effect of the diode load):

RIN =
1 + RF

rds1//rds2
+ gm3RF

gm1 + gm2 + gm3

≈ 1

gm1 + gm2

(3.33)

Initially, the first order estimation for the RIN value is not going to consider the

effect of the transistors rds, but they were included in the equation above in order to be

able to verify if they could actually be neglected. The purpose of RF is to reduce the

NF of the LNA, which will be discussed further in this section. As the value of gm3 is

set to be intentionally very small (as discussed later), it can already be neglected. The

input impedance RIN must match the signal source impedance RS , leading to a first order

estimation of (considering rds1//rds2 >>RF initially): gm1 + gm2 = 1
RS

. The small signal

voltage gain of resistive-feedback inverter with the diode load is given by:

AV1 =
1− (gm1 + gm2)RF

1 + (gm1 + gm2)RS + gm3(RF +RS)
(3.34)

If gm3 is neglected, since it is too small compared to gm1, assuming RF >> RS

and input impedance matching (RIN = RS), it yields:

AV1 ≈ −
RF

2RS

. (3.35)

The value of RF was set to 416 Ω, leading to a first order estimation of AV1 =

4.2 V/V. As two of the three amplifiers in this circuit are self-biased, the simple CS first

stage in the auxiliary cascade was biased by the second stage VGS through RBIAS . All

transistors are biased around moderate or strong inversion to get the best IP2-IP3 possible.

This is done by analyzing the second and third derivatives of the transistor current.

The auxiliary amplifier is composed by M4 to M6. These transistors are organized

in two cascaded amplifiers: a CS and a resistive-feedback inverter. The CS amplifier

has a resistor as a load just to provide a DC path to the transistor, given its load will

heavily depend on the next stage 1/gm input impedance (as a first order estimation). The
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Figure 3.37: The LNA topology. Source: the author (Costa; Klimach; Bampi, 2016a).
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second stage is a self-biased resistive-feedback inverter to provide a low input impedance

as a load to the first stage. The transistors rds were also included in the input impedance

equation of the second stage, in order to be able to verify if they could be neglected again,

which is given by:

RINAUX2
=

RF2

rds5//rds6
+ 1

gm5 + gm6

(3.36)

As RF2 was set to 384 Ω, and rds5//rds6 = 278.4 Ω, so they could not be neglected

in this case, yielding RINAUX2
= 65 Ω. The small signal voltage gain of the first CS

amplifier is:

AVAUX1
= −gm4(RL//RINAUX2

) (3.37)

in which, RL is dominated by RINAUX2
. The small signal expression for the volt-
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age gain of the second stage is similar to the expression of AV1 , except that RS is replaced

by the output impedance of the previous stage RL (assuming RL << rds4) and there is no

gm3. Thus:

AVAUX2
=

1− (gm5 + gm6)RF2

1 + (gm5 + gm6)RL

≈ −RF2

RL

(3.38)

As RL is only intended to provide a DC path to the first stage, its value can be

small to increase the next stage voltage gain. Finally, the overall LNA voltage gain at the

differential output is:

AVTOTAL
= −

(
RF

2RS

+
gm4RINAUX2

RF2

RL

)
(3.39)

As this circuit behaves as a balun, both output branches must have the same voltage

gain, in order to be balanced. Each branch in this design was designed to have at least

3.6 V/V gain (at the cutoff frequency), in order to achieve a minimum differential voltage

gain of 7.2 V/V or 17 dB. The main amplifier was designed to have a 4.2 V/V gain and the

auxiliary branch, the first stage has a voltage gain of 1.16 V/V and the resistive-feedback

inverter has a voltage gain of 3.6 V/V, yielding a voltage gain of 4.18 V/V in the auxiliary

branch.

The resistive-feedback inverter has a good IP2 due to its bias point at strong inver-

sion, near moderate inversion, and due to its feedback. The second stage on a cascade has

to have a better IP2 than the first stage, so as to dominate the resulting IP2 of this branch.

The main amplifier diode load has very low current when compared to the transis-

tor which provides gain, the effect is the non-linearity subtraction in the currents with no

significant noise addition nor gain decrease.

The NF of a generic amplifier is given by (RAZAVI, 2011):

NFamp = 1 +
V 2
nOUT

|α|2A2
V

1

V 2
nRS

(3.40)

where V 2
nOUT

is the amplifier noise at the output, α is 1/2 for perfect input match-

ing, VnRS
is the source impedance noise and AV is the amplifier voltage gain.

In the resistive-feedback amplifier, the squared output voltage noise is given by:



94

V 2
nOUT

= 4kTRF + 4kTγ(gm1 + gm2)
(RF +RS)2

4
(3.41)

whose two terms are the output noise that results from the feedback resistor and

from the transistors when considering only thermal noise. Hence, for the resistive-feedback

amplifier NFMAIN = 1 + 4RS

RF
+ γ(gm1 + gm2)RS , where the last term we seek to cancel

at the output by virtue of the cascaded amplifiers. Noise canceling technique was first

addressed by (BRUCCOLERI; KLUMPERINK; NAUTA, 2004) using a single transistor

amplifier in the auxiliary branch. Adding the noise of the cascaded amplifiers, the total

NF (considering only thermal noise) for the LNA is:

NF = 1 +
4RS

RF
+
A2
VAUXtotal

v2nAUX
RS

kTR2
F

(3.42)

where k is the boltzmann constant, T is the absolute temperature and v2nAUX
is the

input referred noise of the cascaded amplifiers given by:

v2nAUX
=

(
4KTR2

L

g2m4R
2
INAUX2

R2
F2

)
(RF2 + γgm4R

2
F2 + (3.43)

+
γ(gm5 + gm6)(R

2
F2 +R2

L)

4
+
R2
F2

RL

) (3.44)

The IP2 optimization was made by changing the ratio of M3-M1. This IP2 adjust-

ment was carried out via electrical simulations of post-layout with the BSIM4 model for

the transistors provided by the foundry. The final sizing for the complete LNA is shown

in Table I for the 130 nm technology. Transistors M1, M3-M5 are zero-VT NMOS FETs

available in this mixed-signal CMOS technology. All PMOS have low-VT values. The

value of RL was designed to be just 96 Ω just to provide a DC path for the first stage of

the auxiliary branch. The gm4 was set to give just a unite gain for the first stage. The main

concern here is the input impedance matching bandwidth. The RBIAS value is 33 kΩ and

all CAC values are 44 pF. The values for the R and C of this high-pass filter is designed to

have the best linearity possible. If one chooses to increase RBIAS , reducing CAC in order

to save area, it will degrade the IP2, because the dual MIM capacitors used in this design

are more linear than the poly resistors. Thus, there is a trade-off between the RC sizes
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and the IP2.

Table 3.10: Device sizing.
MOSFETs SIZING

W(µm) L(µm) gm(mS)
M1 250 0.42 15
M2 400 0.19 15.4
M3 8 0.42 0.2
M4 350 0.42 30
M5 300 0.42 16.2
M6 1000 0.12 20.4

3.5.1.1 Post-layout Simulation Results

The LNA was fully designed, laid out in CMOS 130 nm technology, and fully ex-

tracted, using Cadence VirtuosoTM and Cadence SpectreTM for post-layout simulations.

The simulation test-bench is shown in Fig. 3.39 and includes estimated bondwire in-

ductances provided by the foundry (LBOND = 2 nH), PAD capacitances (CPAD = 60 fF

extracted from simulation of PDK library cell) and external decoupling output capacitors

(CACIN
= 120 pF and CACOUT

= 7 pF). A load composed by RL = 1.5 kΩ and CL = 100

fF was also considered. This load was provided from a differential mixer designer in our

group which is going to be used as the load for this LNA.

These package parasitics LBOND and CPAD were taken into account for the simu-

lations, degrading the performance of the LNA. In case the LNA is designed to be used as

an internal block of an application circuit, like in an RF front-end, results can be improved

further without them.

The layout of the LNA is shown in Fig. 3.38 and its simulation results post-

extraction are shown in Figs. 3.40, 3.41, 3.42. The gain and NF are nicely flat in the 54

MHz - 862 MHz frequency band. The S11 is below -10.5 in the entire band.

The topology presented a voltage gain above 17 dB and NF 5.3-6.2 dB in the entire

frequency band as can be seen in Fig. 3.40. The highest IP2 is 15.5 dBm as can be seen

in Fig. 3.42. The worst case of the output gain imbalance is 1.7 dB, which is showed in

Fig. 3.41, with both output gains separately showed.

3.5.1.2 Comparison Table

Table II presents the performance parameters used to compare this design with 7

other ULV wideband LNA circuits published in the literature, for processes from 90 nm
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Figure 3.38: Layout of the LNA (left) with decoupling capacitors. Zoom of the LNA core
(right). Source: the author (Costa; Klimach; Bampi, 2016a).

Figure 3.39: The test-bench used to simulate the layout with extracted parasitics. Source:
the author (Costa; Klimach; Bampi, 2016a).
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Figure 3.40: Results for voltage gain, NF and S11. Source: the author (Costa; Klimach;
Bampi, 2016a).
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to 250 nm.

This design is the only LNA in Table II serving as a balun below 1-V power supply

and also the only one focusing on IP2 for direct conversion receivers. This design is
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Figure 3.41: Results for gain imbalance in this balun. Source: the author (Costa; Klimach;
Bampi, 2016a).
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Table 3.11: Comparison table with recently published wideband LNAs. The * means
power gain values. Index 1 are for measured and 2 for simulated designs.

Ref. BW Gain NF S11 IIP2 IIP3 Power Area Tech VDD BALUN
(GHz) (dB) (dB) (dB) (dBm) (dBm) (mW) (mm2) (nm) (V)

(BARRAS et al., 2004)1 3.4∼6.9 10* 4.5 - - -1 3.5 0.72 250 1 NO
(WANG; ZHANG; YU, 2010b)1 0.2∼3.8 19 2.8∼3.4 <-9 - -4.2 5.7 0.025 130 1 YES

(CHANG; JOU, 2005)2 2∼10.1 10.2*(max) 3.7(min) <-9.7 - -1@6GHz 7.2 1.2 180 1 NO
(LIU; LIAO; HUANG, 2009b)1 0.4∼0.9 20 2.95 - - - 0.36 0.07 180 0.5 NO

(PANDEY; SINGH, 2015b)2 3.1∼10.6 20* 1.2∼2.6 <-10 - -8 12.6 - 90 0.6 NO
(PARVIZI; ALLIDINA; EL-GAMAL, 2015b)1 0.1∼7 12.6*(max) 5.5∼6.5 <-10 - -9∼-6 0.75 0.23 90 0.5 NO

(CHANG; GUO, 2013b)1 3∼8.1 12* 2.8∼4.7 <-12.5 - 4.2 4.2 0.87 180 0.6 NO
This design 0.054∼0.86 17∼20.2 5.3∼6.2 <-10.5 13∼15.5 -14.6∼-12.5 2 0.046 130 0.45 YES

also the only one targeting frequencies as low as 54 MHz (where the worst IP2 value is

expected). The input impedance matching S11 of this design has a worst case of -10.5 dB

in the frequency band limits. Despite the fact that high decoupling capacitors are needed
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in this design, its area in silicon is the 3rd best (including decoupling capacitors). One

smaller design had no IP2 reported, and have a worse S11.

This design is a good example of the great challenge that it is to reduce the voltage

supply to 37.5% of the nominal supply in that process. In this case, the low-VT and

zero-VT transistors were available, but they offer a worse performance when compared to

the regular transistors of this process. In other processes where these are not present, the

designer will have a hard time getting a good performance out of a regular transistor with

a VT that is close or higher than the voltage supply. Specially with the NF specification.

The next design presents the option of reducing the voltage supply to 50% of the nominal

voltage, which gives a much better performance, since regular transistors can now be

used.

3.5.2 600 mV Voltage Supply version

Continuing with the reduced voltage supply design, this version was set up with a

0.6 V supply. The key idea in this design was to bias the PMOS and NMOS separately in

the VGS value that corresponds to the lowest α2 value, where α2 is the second order non-

linear coefficient obtained from the second derivative of the transistor current. Another

technique used to tune this design for a high IIP2 was to use diodes in parallel in the load

of all of the amplifiers. In this way, a fine tuning could be done besides setting the bias to

a low α2 value.

The advantage of this design is that the high IIP2 can be suited for direct con-

version receivers. The design operates under a 0.6 V supply, which allows for a better

compliance with digital circuits supply, saving the need for a separate voltage supply for

the wideband LNA in the RF section of the IC while dissipating a reduced power com-

pared to nominal voltage LNAs. The description in detail follows below and this design

has been published in a more compact format in (Costa; Klimach; Bampi, 2016b).

This WBLNA topology is shown in Fig. 3.43. The transistorsM1 andM2 compose

the resistive-feedback CMOS inverter, each of which has a separate bias. Since this circuit

operates under a 0.6 V power supply, the gate voltages have been designed to be 128 mV

for the PMOS and 460 mV for the NMOS, in order to achieve an almost equal VGS for

each transistor. For the 130 nm CMOS technology used, a VGS of 460 mV is near the

standard value for the threshold of the transistor, which is the limit for strong inversion

operation. The aim here is to have a VGS as high as the saturation VDS allows for the
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ultra-low voltage operation. As cascode connections were avoided in the design, there is

sufficient room for signal excursion with no problem for this maximum VGS operation.

The transistor M3 is a load diode. Its bias current is 2-3% of the current of M1,

in order not to interfere significantly in the gain of the resistive-feedback amplifier (gm3

<< (gm1+gm2)). The purpose of M3 is to cancel non-linear terms of M1 current and to

improve the IIP2 as used in (COSTA; KLIMACH; BAMPI, 2015).

All small signal analysis were done neglecting the parasitic capacitances and tran-

sistor parasitic AC series resistance (rds). The purpose of this analysis is to give an insight

for the designer of how the circuit behaves and which variables are most important for the

electrical design. As in modern nanometer CMOS technologies the transistor is very dif-

ficult to model, simulation models such as BSIM, which contains hundreds of parameters,

make electrical simulations a good approach to achieve the desired gm under the specified

transistor bias.

The input resistance of the LNA is dominated by the resistive-feedback inverter,

which is given by (considering the effect of the diode load):

RIN =
1 + gm3RF

gm1 + gm2 + gm3

≈ 1

gm1 + gm2

(3.45)

If the rds of the transistor is of the same order of the value of RF , it must be con-

sidered. In this circuit, RF was more than 10 times smaller than the rds of the transistor,

so it was neglected for the input impedance calculation. The purpose of RF is to reduce

the NF of the LNA, which will be discussed further in this section. The input impedance

RIN must match the signal source impedance RS , leading to a first order estimation of:

gm1 + gm2 = 1
RS

. The small signal voltage gain of resistive-feedback inverter with the

diode load is given by:

AV1 =
1− (gm1 + gm2)RF

1 + (gm1 + gm2)RS + gm3(RF +RS)
(3.46)

If gm3 is neglected, given it is too small compared to gm1, assuming RF >> RS

and input impedance matching (RIN = RS), AV1 ≈ - RF (gm1+gm2)
2

.

The bias of all NMOS transistors are the same and set by VBIASN . This voltage

reaches each transistor gate through high-pass filters. So does the VBIASP for the only

PMOS transistor used. The intention is to make all NMOS transistors biases sensitivity
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Figure 3.43: The LNA topology. Source: the author (Costa; Klimach; Bampi, 2016b).

depending on the same bias voltage. As only a single PMOS transistor was used, it has

to have its own bias voltage. All transistors are biased in the highest IIP2 operating point.

This is done by analysing the second derivative of the transistor current.

The auxiliary amplifier is composed by M4 to M7. These transistors are organized

in two common-source (CS) cascaded amplifiers. The first CS amplifier has a resistor +

diode as a load and the second has only a diode as its load, working like a very linear

buffer (very small gain). The intention here is to have a very low amplification of the

noise of the first stage to the output. The current of M5 is around 5-7% of that of M4, so

its noise can be neglected when compared to the noise of M4. The small signal voltage

gain of the first CS amplifier is AVAUX1
= −gm4RLOAD. The following CS buffer has a

small signal voltage gain of AVAUX2
= - gm4

gm5
, which leads to a total gain at the differential

output of:
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AVTOTAL
= −

(
RF

2RS

+
gm4RLOADgm6

gm7

)
(3.47)

As this circuit behaves as a balun, both output branches must have the same voltage

gain, in order to be balanced. Each branch in this design was designed to have at least 4

V/V (at the cutoff frequency), in order to achieve a minimum differential voltage gain of

8 V/V or 18 dB. In the cascaded CS amplifiers branch, the first stage has a voltage gain

of 3.3 V/V and the linear buffer has a voltage gain of 1.2 V/V, resulting in 4 V/V in this

branch.

The second CS amplifier in the cascade branch has been chosen to be very linear

with a good IIP2 for itself. As the second stage on a cascade has to have a better IIP2 than

the first stage, so as to dominate the resulting IIP2 of this branch. A diode load was added

to the first CS stage of the cascade in order to reduce its non-linearity by subtracting some

terms from its current. Just as it was done to the resistive-feedback amplifier.

As one may notice, all the three amplifiers contained in this LNA topology have

diodes either solo or in parallel in their loads. As the parallel diodes have very low cur-

rent when compared to the transistor which provides gain, the effect is the non-linearity

subtraction in the currents with no significant noise addition nor gain decrease.

The NF of a generic amplifier is given by (RAZAVI, 2011): NFamp = 1 +
V 2
nOUT

|α|2A2
V

1

V 2
nRS

, where V 2
nOUT

is the amplifier noise at the output, α is 1/2 for perfect input

matching, VnRS
is the source impedance noise and AV is the amplifier voltage gain.

In the resistive-feedback amplifier V 2
nOUT

= (4kTRF + 4kTγ(gm1+gm2)
(RF+RS)

2

4
),

whose two terms are the output noise that result from the feedback resistor and from

the transistors when considering only thermal noise. Hence, for the resistive-feedback

amplifier NFMAIN = 1 + 4RS

RF
+ γ(gm1 + gm2)RS , where the last term we seek to cancel

at the output by virtue of the cascaded amplifiers. Noise canceling technique was first

pointed out by (BRUCCOLERI; KLUMPERINK; NAUTA, 2004) using a single transistor

amplifier in the auxiliary branch. Adding the noise of the cascaded amplifiers, the total

NF (considering only thermal noise) for the LNA is:

NF = 1 +
4RS

RF
+
A2
VAUXtotal

v2nAUX
RS

kTR2
F

(3.48)

where k is the boltzmann constant, T is the absolute temperature and v2nAUX
is the
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input referred noise of the cascaded amplifiers given by:

v2nAUX
= 4KT

[
R (gm4γR + 1)

g2m6

g2m7

+ γ

(
gm6

g2m7

+ gm7rds6

)]
(3.49)

The IIP2 optimization was made by changing the ratio of M3-M1 and M5-M4

sizes. Their ratio are almost the same, with the M5-M4 ratio slightly higher. This IIP2

adjustment was carried out via electrical simulations of post-layout with the BSIM4 model

for the transistors provided by the foundry. The final sizing for the complete LNA is

shown in Table I. The size of M4 is very large due to the very small value of RLOAD. The

value of this resistor was designed to be just 40 Ω so as to have the lowest thermal noise

possible amplified by the second stage of the cascade. The gm4 was increased to reduce

NF until it started to degrade the bandwidth. All the RBIAS values are 50 kΩ and all CAC

values are 30 pF. The values for the R and C of this high-pass filter is designed to have

the best linearity possible. If one chooses to increase RBIAS , reducing CAC in order to

save area, it will degrade the IIP2, because the dual MIM capacitors used in this design

are more linear than the poly resistors. Thus, there is a trade-off between the RC sizes

and the IIP2.

Table 3.12: Device sizing.
MOSFETs SIZING

W(µm) L(µm) gm(mS)
M1 100 0.12 20.6
M2 300 0.12 16.6
M3 3 0.9 0.3
M4 800 0.12 157
M5 140 0.9 4.8
M6 100 0.12 15.6
M7 40 0.45 7.5

3.5.2.1 Post-layout Simulation Results

The LNA was fully designed, laid out in CMOS 130 nm technology, and fully

extracted, using Cadence Virtuoso (TM) and Cadence Spectre (TM) for post-layout simu-

lations. The simulation test-bench is shown in Fig. 3.45 and includes estimated bondwire

inductances (LBOND = 2 nH), PAD capacitances (CPAD = 60 fF extracted from simulation

of PDK library cell) and external decoupling capacitors (CACIN
= 350 pF and CACOUT

=

10 pF). A load composed byRL = 1.5 kΩ and CL = 100 fF was also considered. This load
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was provided from a differential mixer designer in our group that is going to be connected

to this LNA.

These package parasitics LBOND and CPAD were taken into account for the simu-

lations, degrading the performance of the LNA. In case the LNA is designed to be used as

an internal block of an application circuit, like in an RF front-end, results can be improved

further without them.

The layout of the LNA is shown in Fig. 3.44 and its simulation results are shown

in Figs. 3.46, 3.47. The gain and NF are nicely flat in the 0.05 GHz - 1 GHz frequency

band. The S11 is below -13 to -26 dB in the entire band.

The topology presented a voltage gain above 18 dB and NF 3.1-3.8 dB in the entire

frequency band as can be seen in Fig. 3.46. The IIP2 has its highest value of 38 dBm,

being above 30 dBm from 300 MHz to 1 GHz. The worst case IIP2 is 26 dBm at 50 MHz

as can be seen in Fig. 3.47. The worst case of the output gain imbalance is 2 dB, which is

showed in Fig. 3.47, with both output gains separately showed.

Figure 3.44: Layout of the LNA (left) with decoupling capacitors. Zoom of the LNA core
(right). Source: the author (Costa; Klimach; Bampi, 2016b).

3.5.2.2 Comparison Table

Table II presents the performance parameters used to compare this design with 7

other ULV wideband LNA circuits published in the literature, for processes from 90 nm

to 250 nm.

This design is the only LNA in Table 3.13 serving as a balun below 1-V power

supply and also the only one focusing on a high IIP2 for direct conversion receivers. This

design is also the only one targeting frequencies as low as 50 MHz (where the worst IIP2
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Figure 3.45: The test-bench used to simulate the layout with extracted parasitics. Source:
the author (Costa; Klimach; Bampi, 2016b).

Figure 3.46: Results for voltage gain, NF and S11. Source: the author (Costa; Klimach;
Bampi, 2016b).
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Figure 3.47: Results for gain imbalance in this balun in the left and results for the IIP2 and
IIP3 over frequency in the whole band in the right. Source: the author (Costa; Klimach;
Bampi, 2016b).
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value is expected). The input impedance matching S11 of this design has a very good

margin for measurements after fabrication, from -26 dB to a worst case of -13 dB at 1

GHz. Despite the fact that high decoupling capacitors are needed in this design, its area
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Table 3.13: Comparison table with recently published wideband LNAs. The * means
power gain values. Index 1 are for measured and 2 for simulated designs.

Ref. BW Gain NF S11 IIP2 IIP3 Power Area Tech VDD BALUN
(GHz) (dB) (dB) (dB) (dBm) (dBm) (mW) (mm2) (nm) (V)

(BARRAS et al., 2004)1 3.4∼6.9 10* 4.5 - - -1 3.5 0.72 250 1 NO
(WANG; ZHANG; YU, 2010b)1 0.2∼3.8 19 2.8∼3.4 <-9 - -4.2 5.7 0.025 130 1 YES

(CHANG; JOU, 2005)2 2∼10.1 10.2*(max) 3.7(min) <-9.7 - -1@6GHz 7.2 1.2 180 1 NO
(LIU; LIAO; HUANG, 2009b)1 0.4∼0.9 20 2.95 - - - 0.36 0.07 180 0.5 NO

(PANDEY; SINGH, 2015b)2 3.1∼10.6 20* 1.2∼2.6 <-10 - -8 12.6 - 90 0.6 NO
(PARVIZI; ALLIDINA; EL-GAMAL, 2015b)1 0.1∼7 12.6*(max) 5.5∼6.5 <-10 - -9∼-6 0.75 0.23 90 0.5 NO

(CHANG; GUO, 2013b)1 3∼8.1 12* 2.8∼4.7 <-12.5 - 4.2 4.2 0.87 180 0.6 NO
This design 0.05∼1 18∼20.3 3.1∼3.8 <-13 26∼38 -13∼-10 6.7 0.048 130 0.6 YES

in silicon is the 3rd best. Two other smaller designs had no IIP2 reported, and have a

worse S11.

Overall, this design provided a good insight in what is required to get a high IIP2

out of a noise canceling topology and operating under a 50% reduced voltage supply

didn’t require to change the transistors to low-VT and zero-VT, which would greatly

degrade the performance was could be observed in the 450 mV version.

3.6 Systematic wideband LNA topology design

In this section, a summary of many design strategies and topology choices for

wideband LNA is presented based on all of the wideband LNAs that were designed

throughout this thesis. Fig. 3.48 shows the block diagram of the options for the noise

canceling topology developed in this thesis. The idea here is to use the auxiliary amplifier

branch to cancel the main amplifier noise at the output.

One might wonder that if using two amplifiers in series in the auxiliary branch

worked well and gave many degrees of freedom in the design, why not doing the same to

the main amplifier branch? The problem with doing it to the main amplifier branch is that

it would be harder to cancel the noise of two amplifiers in series. Using two amplifiers

in series in the auxiliary branch is already a higher complexity added to cancel the noise

of the main amplifier, because with two amplifiers, it is harder to make sure that both of

them are tuned well to effectively cancel the noise of the main amplifier. Thus, having

two amplifiers in the auxiliary branch gives rise to two uncertainty or mismatch options

to occur due to variability and degrade the noise canceling. If another set of two amplifier

is used in the main amplifier, that would greatly increase the noise canceling failure rate,

since it would give rise to many mismatch options between the four amplifiers involved
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in the final topology.

Therefore, in this thesis, the auxiliary branch was chosen to be composed by two

amplifiers in series rather than pushing further and applying the same strategy to the main

amplifier branch and losing too much performance due to variability.

Figure 3.48: The block diagram for a generic noise canceling topology. Source: the
author.
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The first step in designing a noice canceling topology as shown in the generic

block diagram of 3.48 is to determine which amplifier is going to cancel the noise of the

other. If the main amplifier is chosen to cancel the noise of the two amplifiers in series

in the auxiliary branch, it would have limited options to be adjusted in order to cancel

the noise with the complexity of two amplifiers in series. Thus, the opposite is a better

choice, since having two amplifiers to cancel the noise of only one gives more adjustment

options to tune the auxiliary branch to cancel the noise of a single amplifier in the main

branch.

The second step is to determine which amplifier is going to be responsible for each

design specification parameter.

The first specification to be set is the input impedance matching. Two choices of

amplifiers are available for this parameter: the main amplifier or the AUX1 amplifier. If

the AUX1 amplifier is chosen to be responsible for the impedance matching, then, as the

auxiliary branch is canceling the noise of the main branch, the AUX1 amplifier dominates

the NF of the overall wideband LNA. Which is an undesirable outcome, since trading

NF with input impedance matching limits the LNA performance. Therefore, the main

amplifier is the best choice to dominate the input impedance matching.

All the amplifiers contribute to the bandwidth, power dissipation and gain. The
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critical choices are for input impedance matching, NF and linearity.

Once the input impedance matching is set for the main amplifier whose noise is

being canceled by the auxiliary branch, the NF is determined by the overall wideband

LNA gain and the noise of the auxiliary branch. Then, the AUX1 amplifier is critical

for the NF performance of the LNA. The AUX2 amplifier noise is not critical, since its

impact is attenuated by the AUX1 amplifier gain.

Hence, the parameters trade-offs are summirized below.

• Main amplifier: input impedance matching, linearity;

• AUX1 amplifier: NF, linearity;

• AUX2 amplifier: linearity;

The final step in designing the noice canceling topology is to choose each ampli-

fier’s topology to fit in their respective role.

3.6.1 Amplifiers design strategy

It is very important to stress that the amplifier design developed in this sub-section

is only valid for the application of the noise canceling topology described in the block

diagram of Fig. 3.48, where the topology is composed by three amplifiers. The strategy

presented here is not even fully valid for two amplifier noise canceling topologies.

If these amplifiers were to be designed to operate separately as an LNA on their

own, the design would be very different. For example, the AUX1 and AUX2 amplifiers

design strategies developed in this thesis are not effective in other contexts.

In Fig. 3.49, a generic amplifier block diagram is shown so that each amplifier

design strategy can be pointed out to improve a specific design parameter. In this block

diagram, the MOSFET is the input device that converts an input voltage into an output

current and the load converts it back into an output voltage. The MOSFET choice can be

either a PMOS or an NMOS, while the load can be passive, active or a combination of

both.

3.6.1.1 The main amplifier

Starting with the main amplifier, the most important requirement is input impedance

matching. If the transistor choice is limited to a MOSFET, then, there is only one choice,
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Figure 3.49: The block diagram for a generic amplifier. Source: the author.
VBIAS

GND or VDD

VDD or GND

TRANSISTOR

(MOS)

V → I

LOAD

I → V

vIN vOUT

which is to go with the common-gate (CG) amplifier. The common-source (CS) and

common-drain (CD) do not offer a low input impedance that could match a source impedance

of 50 Ω.

However, if feedback is considered, more possibilities are unlocked. The CS am-

plifier becomes a good option, since the CD amplifier primary drawback is the lack of

intrinsic gain. Many options can be chosen for the CS amplifier feedback, but the simplest

choice is to use a resistor. In CMOS processes where passive devices are not available, a

transistor operating in the linear region can also be used as a replacement.

The choice of a resistor is of great advantage, since it does not need to be biased,

it contributes with a very low non-linearity, when compared to an active device, and have

a wide bandwidth of operation when compared to other reactive passive devices such as

inductors and capacitors.

Finally, the last touch of optimization in the resistive feedback CS amplifier is to

use a CMOS inverter configuration with a PMOS and an NMOS. This choice relaxes the

specification on each transistor gm, which results in a lower current consumption.

Now, the CG and the resistive-feedback inverter have to be compared to each

other to get the main amplifier spot in the noise canceling topology. The CG amplifier can

offer a larger bandwidth when compared to a regular CS amplifier, but, with the feedback

added, the inverter can also offer a wideband operation. Moreover, the resistive-feedback

inverter gain is independent from the transistor gm, which breaks the trade-off with input

impedance matching that is still present in the CG amplifier.

Therefore, the best choice for the main amplifier in the generic block diagram

presented in 3.48 is the resistive-feedback inverter.

Summary of the resistive-feedback amplifier choice advantages:

• Input impedance matching;
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• Feedback allows a reduction in current consumption through the gm;

• CMOS inverter halves the gm requirement which also saves current consumption;

• Self-biased with the possibility to bias with current mirror if necessary;

• Wide bandwidth due to feedback;

• Noise is canceled by the auxiliary branch;

• a small sized diode can be added at the output to improve linearity;

It is important to stress that the design strategy developed in the 1-decade LNA

with a resistive-feedback inverter (section 3.3) developed in this thesis should be used to

accomplish the best results. The main amplifier is shown in Fig. 3.50.

Figure 3.50: The main amplifier choice. Source: the author.
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3.6.1.2 The auxiliary amplifier

It is in the auxiliary amplifier where all the different performance results achieved

in many wideband LNA topologies developed in this thesis are set up. As the main am-

plifier takes care of the input impedance matching, gets its noice canceled and provides

a gain that does not trade with any other of its own specifications, the auxiliary amplifier

has to take care of the NF and try to mimic the distortion of the main amplifier so that it

is also canceled at the output as much as possible.

In order to achieve this, the auxiliary amplifier was broken into two, so that the

first amplifier dominates the NF and the other one is another degree of freedom to adjust

linearity.

The options for the AUX1 amplifier are limited, because it is responsible for most

of the NF of the overall LNA and it has to have a high input impedance, so as not to disturb
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the main amplifier input impedance matching. So the resistive-feedback inverter and the

CG amplifiers do not fit in the AUX1 position. This leaves the CD and CS amplifiers as

the remaining options. The CD is not a good option, since its intrinsic gain is very low,

which would imply in a high NF. Then the CS amplifier is the best choice for the AUX1

amplifier.

Now, the load of the CS amplifier defines the parameter to be optimized for the

given application. The designer has to keep in mind that both AUX1 and AUX2 amplifiers

have to have a low gain in this context, so that together with the AUX2 amplifier they have

the same gain as the main amplifier. Thus, the magnitude of the load has to be small in

order to not have a high gain.

It would also be good to have a load that could improve the CS amplifier linearity,

thus a diode-connected transistor is a good candidate. However, the diode-connected

transistor limits the upper bound of the bandwidth, since it adds a parasitic capacitance to

ground (AC) on the output node. This parasitic capacitance is the transistor CGS , which

can be very high, since large transistors are required to get a low NF in this amplifier

configuration. This is what happened to the 2-decades wideband LNA (section 3.2) and

the first LNA (section 3.1) developed in this thesis. The upper bound of the bandwidth

was only 1.6 GHz and 1 GHz, respectively, although the 2-decades LNA could reach

frequencies as low as 15 MHz.

Therefore, if the designer has to be aware of the upper bound of the bandwidth

limitation when choosing a diode as a load for the AUX1 amplifier. Otherwise, a resistor

can be used. The resistor value is, at first, required to be low so as not to get too much

gain (and distortion). This causes the AUX1 amplifier to consume more current, but there

is a solution to reduce current consumption which involves the input impedance of the

AUX2 amplifier which is going to be discussed shortly.

There is another option for the AUX1 amplifier load, which is to take the best of

the two worlds and put the resistor in parallel with a diode. This strategy has been used

successfully in the 0.6 V supply version (section 3.5.1) and explained in detail on the

1-decade CG amplifier version (section 3.4) developed in this thesis. The objective is to

size the resistor to be the main load which loads most of the output current and use the

diode sized with a very small value only to subtract/add current to cancel non-linearity.

This setup is very good, but a diode has to also be added to the main amplifier using the

same strategy, in order to balance the non-linearity in both branches so that the distortion

gets canceled at the output. The AUX1 amplifier topology options are shown in Fig. 3.51.
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Figure 3.51: The AUX1 amplifier choices. Source: the author.
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Summary of the CS amplifier choice advantages for the AUX1 amplifier:

• High input impedance;

• Composite load with diode and resistor improves linearity;

• Small resistor reduces gain and distortion;

• Low NF;

• Resistor size can be high to reduce current consumption depending on the AUX2

amplifier input impedance (discussed next);

The AUX2 amplifier is the last to be designed. His noise is not critical for the

overall LNA topology due to the AUX1 amplifier gain that comes before it. However, its

linearity performance shows up directly at the LNA output. As stated many times in this

thesis, the linearity of both the main amplifier and auxiliary branches should be similar in

order for them to be (ideally) canceled at the differential output.

The output impedance of the AUX2 amplifier has to be low, since it is a voltage

amplifier. So, the CD amplifier could come to mind, but it does not provide any gain. The

CS amplifier can have its load adjusted to be a small resistor or a diode, so it can be a

good choice. The CG amplifier could also work, but its noise can be a problem. Then, the

CS amplifier is the choice for the AUX2 topology.

Three different loads have been used in the wideband LNAs developed in this the-

sis for the AUX2 amplifier: a small resistor, a diode and the resistive-feedback inverter

configuration. The resistor is preferred when the objective is to have the lowest NF and

highest bandwidth, because of its small value which reduces the contribution of thermal

noise and its low reactive elements parasitics. The diode is the best choice when linear-
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Figure 3.52: The AUX2 amplifier choices. Source: the author.
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ity is the main objective and the upper bound of the bandwidth is not a concern to be

the maximum. The resistive-feedback inverter is the best choice to provide a low input

impedance for the AUX1 amplifier load, in order to save power dissipation and increase

the bandwidth of both AUX1 and AUX2 amplifiers with a reasonable NF and linearity.

Fig. 3.52 illustrates the options for the AUX2 amplifier in the context of this thesis.

Summary of the CS amplifier choice advantages for the AUX2 amplifier:

• Resistive load for minimum NF;

• Diode load for maximum linearity;

• Resistive-feedback for low input impedance dominating the load of AUX1, reason-

able NF and linearity;
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4 BI-DIRECTIONAL AMPLIFIER DESIGN

The second part of this thesis was to design a bi-directional amplifier (BDA) for

the 28-30 GHz upcoming 5G band. The inspiration for this work was the system level

idea of (WANG; SAAVEDRA, 2017), but the system topology is changed to only two

active quasi-circulators, instead of having two amplifier blocks in-between the circulators.

Also, a new active quasi-circulator circuit was developed in order to reduce the number of

inductors from 48 to only 8 on-chip transformers. The main problem with the design in

(WANG; SAAVEDRA, 2017) was that it only provided schematic simulation using ideal

passive components and 48 inductors, which is a real challenge to implement in a real

integrated circuit. It also has not provided any information on stability and the isolation

values for S31 and S13, which are crucial to make the system work and not oscillate. The

design analysis from system level to IC transistor level developed in this work for this

active quasi-circulator topology is unseen in the literature.

4.1 The circulator circuit

A circulator is a system capable of providing a signal circulation through its ports

in one direction only. In microwave and physics applications, they can be implemented

passively with ferrite materials. Generally speaking, the operation of an N-port circulator

can be described as follows: the signal that enters port N is blocked (ideally) from going

into port N-1 and it is transmitted to port N+1. In real world circuits, the signal is not

blocked but a certain isolation or an attenuation value exist between its ports in the reverse

direction. The value of a sufficient isolation is determined by the application. If the

circulator is intended to replace an antenna switch in a transceiver, then the isolation

value is crucial to avoid a retransmission of the received signal, for example. An example

of 3-port circulator is shown in Fig. 4.1.

When designing an electric circuit to operate as a circulator, it can be of interest

to have gain in between ports. For this to happen, active devices such as transistors and

diodes are used and then the circulator becomes an active system. However, in many

electric circuits applications, it is undesired to have a signal circulating fully through all

ports. For example, using the 3-port circulator shown Fig. 4.1 as an antenna switch for

signal transmission and reception. Consider that the antenna is connected to port 2, the

transmitter to port 1 and the receiver to port 3. When the signal is received, due to the
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Figure 4.1: A circulator (left) and a quasi-circulator (right) connected to an antenna and
TX-RX. Source: the author.
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circulator behavior, it would be readily retransmitted back, which is undesired. Thus,

having a signal propagation from port 1 to port 2 (transmission) and from port 2 to port 3

(reception) is what is an expected behavior to suit a transceiver. Blocking the signal from

propagating from port 3 to port 1 turns the active circulator into an active quasi-circulator,

which besides being able to work as an antenna switch, it can also be a building block to

the BDA developed in this work.

4.2 BDA Design

In order to create a new topology, a lot of thought has been put on how to make

the BDA feasible in an IC with the least amount of inductors possible. The need for the

inductors were due to the impedance matching and inductive peaking required to have

a reasonable gain in CMOS 130 nm technology from TSMC. The transistor FT for this

Process Design Kit (PDK) is 78 GHz, thus, the available transistor working at 30 GHz

has a reduced intrinsic gain.

4.2.1 System Level Design

The first step is to design the BDA system level. The objetive is to evaluate the

limits of the specifications of each block and the stability of the loop. The system level

topology of the BDA is composed by two active quasi-circulators as shown in Fig. 4.2.

The stability criteria for the system level design used was that the loop gain had

to be less than 1 or less than 0 dB. This provided the necessary insight to design the
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Figure 4.2: The BDA system level developed in this work using two active-quasi circula-
tors. Source: the author.
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amplifiers gains inside the active quasi-circulators and the isolation of ports 1 and 3.

Following the signal propagation in the loop, the following equation comes out looking

at port 1:

S32C1
∗ S31C2

∗ S21C1 < 1 (4.1)

S32C1
+ S31C2

+ S21C1 < 0dB (4.2)

Thus, the desired isolation of S31 in each active quasi-circulator determines the

maximum gain of the BDA, so that it does not become unstable. The higher the isolation,

the higher the gain can be. Besides, port 2 requires impedance matching, since it is going

to be connected outside of the BDA IC. The impedance matching between ports 3 and 1 is

not required, as long as the signal propagation inside the chip is performed through short

enough traces so as to meet the criteria of being much less than the maximum wavelength.

The next step is to consider the active quasi-circulator circuit topology to meet

those requirements of the system level. First, the circuit topology has to provide the

signal quasi-circulation, which requires 3 situations to occur at all times:

1. If the signal comes at port 1, it has to go to port 2 but not to port 3.

2. if the signal comes at port 2, it has to go to port 3 but not to port 1.

3. if the signal comes at port 3, it can not go to any other port.

These requirements imply that the forward gains S21C and S32C are positive, the

reverse gains S12C , S23C and S13C are negative and the loop isolation S31C are also nega-
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tive.

In order to implement the signal propagating in one direction and not going back

to where it was sourced, any amplifier with good input-output isolation is adequate. One

example is the cascode amplifier, which provides a good input-output isolation by reduc-

ing the Miller effect of a common-source amplifier using a MOSFET. Thus the problem

is not the isolation from the destination and the origin of the signal, the real problem is

how to prevent the signal from circulating further to the next port, such as going from port

1 to port 2 and following its path to port 3.

The solution to this problem was to use two identical circuits to propagate the

signal coming from port 1 and subtract them at port 3, cancelling each other. Port 2 is

taken in the middle of one of the branches and when the signal comes at it, it follows

to port 3 and not to port 1, since the amplifiers from port 1 to port 2 reverse isolation

prevents it to happen. This idea was used in (WANG; SAAVEDRA, 2017) but the signal

subtraction was performed by connecting both parallel branches output in a single node.

The subtraction was implemented in this work using an on-chip mmWave transformer.

The strategy to guarantee the phase match for the cancelation was to design identical

circuits with identical layouts from port 1 up to the subtraction transformer. In this way,

the subtraction mismatch would be left to the transformer. The active quasi-circulator

circuit topology developed in this work is shown in Fig. 4.3.

Figure 4.3: The active quasi-circulator topology with 4 ports. Source: the author.
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Notice that this topology has 4 ports. The purpose of port 4 is to be connected to

an impedance that provides the same impedance matching as the one achieved at port 2, in

order to keep the signal cancelation working for the port 1 to 3 isolation. This can be done

either externally or internally on chip. The advantage of using an external impedance is
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that the S31C can be fine tuned and calibrated to be as good as desired after fabrication.

However, this requires a higher complexity when testing and measuring the BDA and-or

designing a PCB where the BDA chip is going to be connected to. The decision on this

work was to go for the internal impedance at port 4 to be as reliable as possible to 50

Ω, which is the impedance that port 2 was designed to be matched to. Then, the active

quasi-circulator topology becomes the one in Fig. 4.4.

Figure 4.4: The active quasi-circulator topology with 3 ports. Source: the author.
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The problem associated with using an internal impedance to balance port 2 and

port 4 is the inevitable mismatch between them. Thus, a careful design strategy was

developed in this work to design the active quasi-circulator circuit to be able to tolerate a

given percentage of mismatch between port 2 and port 4.

The next step is to choose an amplifier topology for each of the three amplifiers

that compose the active quasi-circulator topology. The requirement for each of the three

amplifiers is to provide simultaneously:

1. Reasonable gain at 30 GHz using a transistor with 78 GHz of FT .

2. Output impedance matching.

3. High reverse isolation.

The solution to provide all those requirements at the same time was to use a cas-

code amplifier with an on-chip transformer as the output load. The transformer primary

works as an inductive peaking for the amplifier gain and the secondary benefits from the

spirals ratio to transform the output impedance to match the external 50 Ω of port 2 and
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the internal 50 Ω of port 4. The transistor rds is expected to be very low, since it is on

a 130 nm technology and the transistor VGS is going to be high in order to provide high

current to support the highest gain possible without degrading CGS too much. Thus, the

transformer ratio is not expected to be too high as a high spiral ratio would not be possible

to design inside the chip anyway. The amplifiers circuit is shown in Fig. 4.5.

Figure 4.5: All three amplifiers circuit topology with the output transformer. Source: the
author.
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The BDA biasing is going to be one current mirror for the two amplifiers connected

to port 1 and another to the amplifier at port 3. These two current sources are set by two

external voltages (VBIAS1 and VBIAS2) and their currents were mirrored to each amplifier

to fit in their IBIAS currents. This strategy allows to control the circuit externally when

testing and also to estimate the power dissipation by measuring the voltage and current

that enter the circuit.

After choosing the topologies in a top to bottom approach with the qualitative

specifications set, the next step is to evaluate the quantitative specifications, which means

to set values for the amplifiers S-parameters. The first parameter to be evaluated is the

impedance matching that must happen at port 2 and it was chosen to be matched to 50 Ω.

The equivalent impedance seen from port 2 is calculated from the circuit diagram shown

in Fig. 4.6.

The impedances represented in Fig. 4.6 are the output impedances of the symmet-

rical amplifiers from port 1, Zo1 and Zo2; the internal impedance at port 4, ZP4 (which is

supposed to be as close as possible to the impedance connected to port 2) and the input
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Figure 4.6: Analyzing the impedance matching to 50 Ω at port 2. Source: the author.
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Figure 4.7: Analyzing the impedance matching to 50 Ω at port 2. Source: the author.
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impedance of the amplifier at port 3 which is connected to the transformer secondary, Zi3.

In Fig. 4.7, a simplified model with Zi3 transformed to the primary is shown in order to

make it easier to evaluate the impedance seen from port 2. The equations below shows

the value of ZP2:

ZP2 = Zo1 � (Z ′i3 + ZEQ) (4.3)

ZEQ =
Zo2ZP4

Zo2 + ZP4

(4.4)

For the active quasi-circulator to be symmetric, the requirements are that Zo1 =

Zo2 and ZP2 = ZP4 = 50 Ω. Then, the value for the impedances can be:

• Zo1 = Zo2 = 100 Ω
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• ZP2 = ZP4 = 50 Ω

• Thus, ZEQ = 100/3

• As ZP2 = 50→ 50 = 100 � (Z ′i3 + 100/3)→ (Z ′i3 + 100/3) = 100

• Z ′i3 = 2
3
*100

• Thus, the transformer ratio N = 2
3

or 1.5 : 1 and Zi3 = 100 Ω

These impedance values can set the S22A1 values for the port 1 amplifiers and the

S11A3 for the port 3 amplifier. The choice for Zo1 and Zo2 to be 100 Ω was to relax the

amplifier specification on impedance matching so as to make it easy to implement using

the CMOS 130 nm at 30 GHz. With 100 Ω the S22A1 = S11A3 = - 9.5 dB, which is easy to

achieve. These values were rounded to -10 dB for simplicity.

The next step is to evaluate the gain for each amplifier. The gain specification is

tied to the stability requirement in the BDA loop. The first step in designing the gain is to

set what is the S31C feasible or expected isolation value. This value depends on how well

the subtraction transformer is going to work and on how balanced ZP2 and ZP4 are going

to be to each other.

As can be seen in Fig. 4.6, any ∆Z between ZP2 and ZP4 propagates the voltage

coming from port 1 into the transformer primary voltage, which is transformed and am-

plified to port 3 weakening the S31C isolation. The target for this work is a 10% imbalance

between ZP2 and ZP4, which means that their values can be up to 50 to 55 Ω, respectively.

The goal is to allow the 10% imbalance to happen and the stability requirement inside the

loop S32C-S31C+S21C = 0 or S32C+S21C = S31C still be valid which makes the system not

oscillate.

Other specifications to be relaxed are the S11A1 of port 1 amplifiers and the S22A3

of port 3 amplifier, they are going to be connected to each other and impedance matching

inside the chip for close distances is not required. The input of the port 1 amplifiers

are expected to be High-Pass Filters (HPF), which are implemented with AC coupling

capacitors that are connected in series with the MOSFETs own input impedances which

are mostly capacitive. In this scenario, it is very helpful not to need to match those inputs,

since they are naturally good for voltage signal inputs. The port 3 amplifier, however,

has its input connected to the subtraction transformer and needs to be matched. In this

scenario, it is desired for its output impedance to be small in order to allow the signal

propagation in the voltage divider with the port 1 amplifiers input when they are connected

in the BDA circuit. Thus, the S-parameters for the amplifiers can be specified as follows:
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• Port 1 amplifiers:

• S11A1 = -2.5 dB (no need to match)

• S22A1 = -10 dB (matching to port 2)

• S21A! = 6.5 dB (gain from the mismatch estimations)

• S12A1 = -30 dB (goal for reverse isolation)

• Port 3 amplifier:

• S11A3 = -10 dB (matching to port 2)

• S22A3 = -10 dB (low impedance to port 1 voltage amplifier - close to 50 Ω)

• S21A3 = 10 dB (gain from the mismatch estimations)

• S12A3 = -30 dB (goal for reverse isolation)

The active quasi-circulator characterization was performed at system level using

those specifications for the transformer and the amplifiers using the test-bench shown in

Fig. 4.8 and its circuit in Fig. 4.9. The simulation results are shown in Fig. 4.10 for ZP2

= ZP4 = 50 Ω and in Fig. 4.11 for ZP2 = 50 Ω and ZP4 = 55 Ω.

Figure 4.8: The test-bench used to simulate the active quasi-circulator system level in
Keysight ADS. Source: the author.

As can be seen in Fig. 4.10 and 4.11, when there is a perfect balance between

ZP2 and ZP4, the S31C isolation is ideal and when there is a 10% imbalance between the

two, the S31C = -13.74 dB which still wins over the sum S32C+S21C = 5.8 + 6.92 = 12.72

dB. The active quasi-circulator is ready to be simulated in the closed loop of the BDA to

verify its funcionality.

In Fig. 4.12, the BDA system level test-bench simulated in Keysight ADS is

shown. The BDA S-parameters are 2-port only and the system level simulation results are

shown in Fig. 4.13 for a perfect balance between the external and the internal impedances
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Figure 4.9: The active quasi-circulator topology with 3 ports in Keysight ADS. Source:
the author.

Figure 4.10: The simulation results for the perfect balance between ZP2 and ZP4. Source:
the author.

Figure 4.11: The simulation results for a 10% imbalance between ZP2 and ZP4. Source:
the author.
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and in Fig. 4.14 for a 10% imbalance.

Figure 4.12: The test-bench used to simulate the BDA system level in Keysight ADS.
Source: the author.

Figure 4.13: The simulation results for the perfect balance between ZP2 and ZP4. Source:
the author.

As can be seen in Fig. 4.13 and 4.14, even with 10% imbalance between ZP2 and

ZP4, the BDA does not oscillate, as its S11B is still less than 0 dB. The BDA S21B is barely

affected by the mismatch.

4.2.2 Integrated Circuit Level Design

For the IC level design, the first step was to define the model of the transformer

to be used to design the circuit schematics. A trade-off always exist between a complex

model and a simple model. The former gives more precise results and the latter makes

the design easier. In the beginning, only an ideal inductor was connected to the cascode
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Figure 4.14: The simulation results for a 10% imbalance between ZP2 and ZP4. Source:
the author.

amplifier output to have an estimation of the order of magnitude of the inductance value to

achieve the desired gain at 28-30GHz. The HPF at the input defines the lower frequency

limit. If the transformer is removed and an ideal inductor is used as the output of the

cascode amplifier, the gain is defined as follows, as a first order estimation:

AV = −(gm1ro1 + 1)gm2(ro2 � jωL) (4.5)

AV ≈ −gm1ro1gm2(ro2 � jωL) (4.6)

The inversion level of choice is going to be strong inversion, because power dissi-

pation optimization was not the goal of this design. Due to the available time to develop

the whole BDA from system level to IC transistor level, the main goal is to design a proof

of concept to validate the topology and change it or optimize it later if there is time.

The output transformer has to match the cascode output impedance to port 2. The

inductive impedance is going to be dominated by the cascode impedance at 30 GHz, since

jωL is very high and they are in parallel. The output impedance to be matched to 50 Ω is

going to be:

ROUT = ro1 + (1 + gm2ro1)ro2 ≈ ro1gm2ro2 (4.7)

Therefore, when replacing the ideal inductance with a transformer model as shown
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in Fig. 4.15, the cascode output impedance still dominates the overall output impedance

of the port 1 amplifiers.

Figure 4.15: The transformer model used for the circuit design. Source: the author.
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The schematics simulation results for the active quasi-circulator circuit integrating

all three amplifiers and are shown in Fig. 4.16 for the S-parameters.

Figure 4.16: The schemamtics simulation results for the active quasi-circulator circuit.
Source: the author.
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As can be seen in Fig. 4.16, the S-parameters results at IC transistor level were

different, but close to the ones designed at system level. The reason that it was left like

this is because it was enough to achieve the desired performance when two of them were

connected together in the BDA circuit. Increasing the gain would results in an unstable

closed loop for the 10% impedance imbalance desired between port 2 and port 4 of the

active quasi-circulators.

In Fig. 4.17, the schematics simulation results are shown for the BDA with per-

fect impedance balance between port 2 and port 4 and in Fig. 4.17 is shown the S11B

degradation with the 10% variation in both impedances at port 4 from 50 to 55 Ω.
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Figure 4.17: The schemamtics simulation results for the BDA circuit (left) and with 10%
impedance imbalance (right). Source: the author.
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As the S11 and S22 do not become positive, the BDA has a good tolerance to the

impedance imbalance previously mentioned. The next step is to design the transformers

using Keysight ADS for the specifications set by the schematics simulations.

4.2.3 On-chip Transformers Design

In order to design all on-chip transformers in this work a careful study of Dr.

Bernardo Leite (LEITE, 2011) Thesis was carried out. On his Thesis, he developed many

millimeter wave on-chip transformers and explained the trade-offs associated with each

design. Some of the information contained on his Thesis is reviewed here for conve-

nience. Also, some papers regarding on-chip transformers in general were also studied for

this work (LONG, 2000), (NIKNEJAD; MEYER, 1998), (DOLDáN; GINéS; RUEDA,

2013), (EL-GHARNITI; KERHERVE; BEGUERET, 2007), (LIANG et al., 2006) and

(RENSBURG; FERREIRA, 2004).

The simplified transformer model used in this work is repeated in Fig. 4.18 for

convenience.

The S-parameters simulations were carried out in Keysight ADS and then con-

verted to Z-parameters in order to calculate the parameters of interest. The equations for

each parameter are shown below:
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Figure 4.18: The transformer model used for the transformer design. Source: the author.
Ideal XFMR
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LP =
Im(Z11)

2πf
(4.8)

LS =
Im(Z22)

2πf
(4.9)

LM =
Im(Z21)

2πf
(4.10)

L1 = LM ∗ (
1

K
− 1) (4.11)

L2 =
L1

N2
(4.12)

K =
LM√
LS ∗ LP

(4.13)

N =
LS
LP

(4.14)

QP =
Im(Z11)

Re(Z11)
(4.15)

QS =
Im(Z22)

Re(Z22)
(4.16)

R1 = Re(Z11) (4.17)

R2 = Re(Z22) (4.18)

Where LP and LS are the primary and secondary inductances, respectively. LM

is the magnetizing inductance, L1 and L2 are the primary and secondary leakage induc-

tances, respectively. K is the coupling factor and N is the transformer ratio. QP and QS

are the primary and secondary quality factors, respectively, and finally, R1 and R2 are the

ohmic losses of the primary and secondary, respectively.

The transformer topology used in this work was the FRLAN topology, with termi-

nals at opposite sides. Below are some trade-offs when designing an on-chip transformer:

• ↑Trace proximity: ↑coupling, ↑parasitic capacitance, ↓the resonance frequency.
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• ↑Trace width: ↓the inductance, ↓the ohmic losses.

• ↑Trace length: ↑the inductance, ↑the ohmic losses.

• ↑Number of turns: ↓the resonance frequency, ↑the inductance.

• ↑Spiral diameter: ↓resonance frequency, ↑inductance, ↑parasitic capacitors, ↑ the

coupling.

The TSMC CMOS 130 nm technology has only one thick metal available at metal

8. Thus, all the spirals of the transformers developed in this work were designed on that

last metal layer and the connections between them using a via to the metal layer right

below it. The substrate used in ADS was created using the information on the TSMC

CMOS 130 nm technology documentation regarding the thickness of each layer as shown

in Fig. 4.19. The Electromagnetic (EM) simulations carried out in Keysight ADS used

Momentum.

Figure 4.19: The substrate used for the transformers design in Keysight ADS. Source: the
author.

The BDA contains two active quasi-circulators having four transformers each (two

for the port 1 amplifiers, one for subtraction and one for the port 3 amplifier). However,

two out of four are identical, which means only three different transformers were required

to be designed. The port 1 amplifiers transformer and the simulation results are shown in

Fig. 4.20 and 4.21.

The floating shield was designed in metal layers 1 and 2 to take advantage of the
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Figure 4.20: The 3D view of the port 1 transformer and the simulation result for QP , QS ,
k and n.

Figure 4.21: The simulation results for LP , LS , L1, L2, LM (left) and R1, R2 (right).

coupling reduction to the substrate as pointed out in (LEITE, 2011). This floating shield

strategy was carried out to all the other transformers developed in this work using the

same metal layers in all of them.

Fig. 4.22 and 4.23 show the subtraction transformer with its simulation results.

Figure 4.22: The 3D view of the subtraction transformer and simulation results for QP ,
QS , k and n.

Fig. 4.24 and 4.25 show the port 3 transformers with its simulation results.
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Figure 4.23: The simulation results for LP , LS , L1, L2, LM (left) and R1, R2 (right).

Figure 4.24: The 3D view of the port 3 transformer and simulation results for QP , QS , k
and n.

Figure 4.25: The simulation results for LP , LS , L1, L2, LM (left) and R1, R2 (right).

After designing all the on-chip transformers, their S-parameters were exported

into a s2p files and then imported into the Cadence environment to be simulated as black

boxes together with the amplifiers. All these transformers simulation results are final after

several interactions were carried out with the circuit layout to get the best result for the

transformers parameters. The next section presents the layout design.
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4.2.4 BDA Layout Design

The IC layout for both active quasi-circulator were the same in order to preserve

the symmetry required for the BDA to operate well. The active quasi-circulator layout

is shown in Fig. 4.26. The BDA layout including all the 8 transformers is shown in

Fig. 4.27. The total area occupied by the BDA is 584 µm x 460 µm including all 8

transformers. However, the total chip area including a large capacitor from VDD to GND,

the input-output traces and all the pads is 1 mm x 929 µm, as shown in Fig. 4.27. The

available chip area for this tapeout was 1 mm x 1 mm.

Figure 4.26: The active quasi-circulator circuit layout. Source: the author.

Figure 4.27: The BDA layout and the complete chip sent to fabrication. Source: the
author.

The layout design was carried out in a small time window before the tapeout and,

although the S21 results were poor, this was the best possible result. The input-output

traces were simulated in Keysight ADS using EM Momentum to evaluate their attenuation
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and the results are shown in Fig. 4.28. The worst case for 30 GHz was an attenuation of

0.72 dB and the impedance matching to 50 Ω S11 and S22 were better than -21 dB at 30

GHz for this input-output trace. The complete chip layout S-parameter simulation results

are shown in Fig. 4.29.

The full chip post-layout simulation results presented S21 ≈ S12 = 5-6 dB and S11

≈ S22 = -11 to -16 dB from 28-30 GHz.

Figure 4.28: The input-output trace simulated with Keysight Momentum. Source: the
author.

Figure 4.29: The final post-layout simulation results for the whole chip including all
transformers, input-output traces and the pads. Source: the author.
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4.3 BDA Measurements Results

The BDA measurements were carried out at the Gigahertz Integrated Circuits

Group Laboratory at Queen’s Univeristy-Canada. The S-parameters were measured for 5

samples using a Vector Network Analyzer (VNA) from ANRITSU model number MS4644B.

The measurements setup is shown in Fig. 4.30. The VNA had two armored cables with N-

type connectors and required an adapter to convert the inputs to SMA. The SMA adapter

was connected to an SMA cable which was connected to the GSG probe which was landed

on the chip. The chip was soldered with solder paste into an aluminum base and cured in

an oven at 100 degrees Celsius before being put into the probe station as shown in Fig.

4.31.

Figure 4.30: The measurement setup using the probe station, the microscope and the
VNA. Source: the author.

Figure 4.31: Chip preparation. Source: the author.
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Figure 4.32: The BDA chip being probed. Source: the author.

The VNA was calibrated using the calibration substrate CS-15 from GGB Indus-

tries. The calibration performed was an SOLT (short, open, load, thru) and the probes

coefficients shown in Fig. 4.33 and 4.34 were input on the VNA to be compensated on

the measurements. Fig. 4.32 shows the BDA chip being probed.

Figure 4.33: The CS-15 substrate coefficients. Source: (INDUSTRIES, 2018).

Figure 4.34: The CS-15 calibration structures for SOLT. Source: (INDUSTRIES, 2018).

The BDA measurements were performed for several bandwidths. The first mea-

surements were performed for the 20-40 GHz band, however, as shown in Fig. 4.36, the

BDA did not present any gain. The first hypothesis was that the frequency response was

shifted to a lower frequency than expected. Thus, a new calibration was performed for the

15-25 GHz band and lastly to the 5-15 GHz band, hoping that the gain would be some-

where in those frequencies. Unfortunately, the response was a high attenuation of around

-20 to -30 dB for all the bandwidths measured as shown in Fig. 4.37, 4.38 and Fig. 4.39
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for the 15-25 GHz and 5-15 GHz bands, respectively.

The current consumption was monitored by the power supply HMP4040 from

Rohde & Schwarz and was measured to be 24.6 mA at nominal supply voltage of 1.2 V,

which was almost walf of the expected 46 mA, as shown in Fig. 4.35. The bias voltages

were set to 1.5 V and 1 V, feeding around 300 µA to the BDA, which was according to

what was expected from the simulation results. The supply voltage was increased by 800

mV to achieve the expected 46 mA, but the BDA did not respond. The bias voltages were

also increased by 500 mV and still the circuit barely changed its response.

This behavior raised another hypothesis, which is that the BDA was biased and fed

by the supply voltages but the RF I/O ports were not working properly for some reason.

One reason could be that the RF pads were not working due to the holes contained inside

them. However, the DC pads that were feeding the bias and supply voltages were designed

exactly the same way, which would eliminate a pad problem. Another possibility would

be that the on chip transformers were not working as expected or they were destructively

coupled to each other, since they had to be placed very close to each other due to the area

constraints.

Figure 4.35: The power consumption for the nominal supply voltages.

Figure 4.36: Measurements results of the BDA in the 20-40 GHz band for samples 4 and
6. Source: the author.
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Figure 4.37: Measurements results of the BDA in the 15-25 GHz band for samples 3 and
4. Source: the author.
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Figure 4.38: Measurements results of the BDA in the 15-25 GHz band for samples 5 and
6. Source: the author.
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Figure 4.39: Measurements results of the BDA in the 5-15 GHz band for samples 4 and
5. Source: the author.
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One hypothesis to why the BDA did not work is that the post-layout simulations

in Cadence were too optimistic despite the high number of parasitic RC extraction el-
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ements. All the layout pads used were the same, but they were different from what is

usual. The pad layouts used for this project had holes inside. However, the DC pads

worked fine, since the BDA consumed current and as the VDD voltage was increased, the

current consumption increased as expected. The calibration of the VNA was also verified

to be correct with the SOLT structures being measured with expected results.

Another hypothesis is that the coupling between the transformers killed the signal.

The complete chip has not been simulated in Keysight Momentum, only the transformers

individually. The EM simulation of the entire chip could have lead to the coupling of

the transformers among themselves, since they were placed very close to each other. The

drawback of these simulations in Keysight momentum is the time it takes to complete.

In order to simulate all the 8 transformers coupling in a 3D EM simulation, many hours

would be necessary and it can take days to evaluate the design. This is left as a future

work for the next versions of the BDA.

4.4 Conclusions

Analyzing the BDA design and the measurements, one can realize that the BDA

chip was a big bet for this thesis due to the fact that only one tapeout was available and

everything had to be in there. That strategy proved to be risky, since the BDA is a very

complex design, involving many circuit elements that need to be well characterized in ad-

vance before being integrated into a higher hierarchy design, such as the BDA. However,

there is room to improve the simulation results, using a EM simulation of all the trans-

formers together in their final position in the layout. That would clarify if their coupling

could kill the I/O signals.

The first elements in the list that needed a separate characterization before being

integrated to the BDA are the transformers. Three different transformers were designed

in this work and all of them needed to be measured and characterized experimentally in

advance to the complete design. Due to tapeout delays and costs, this previous charac-

terization was not possible in the timeframe of this thesis. Also, the next step would be,

ideally, to integrate those transformers into the circulator circuit, in order to evaluate the

amplifiers performance. The circulator has a path to test the port 1 amplifiers with the

transformers that would be helpful to evaluate the transformers integration. Only after all

that, in a third tapeout, the BDA would have higher chances to work with all those previ-

ous measurements helping to tune the BDA circuit design. As three tapeouts with a large
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area is rare to obtain in current research facilities available, some other strategy to mini-

mize the risk has to be performed, such as the EM simulations with all the transformers

together in their final position.

The post-layout simulations were promising since they showed that the BDA

works under those specifications with the simulation models provided. Which means,

it would be only a matter of tuning the simulation models with measured results for each

circuit element and blocks to make the BDA work.

However, these post-layout simulations did not include the coupling between the

transformers. This behavior was missed during the layout phase, since there was very

little time for its development. A full chip EM simulation, or at least the 8 transformers

together, has to be performed to evaluate their coupling to each other that could have

killed the signal as indicated in the measurement results.

The follow-up after evaluating the transformers coupling among themselves would

be to spread them out reasonably far from each other, designing the transmission lines to

connect them inside the chip. This strategy is expected to consume more chip area, which

has to be available for it to work.
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5 CONCLUSIONS AND FUTURE WORK

In this chapter, all the conclusions from this work are presented. The future work

for a continuation of this research is also discussed in section 6.2.

5.1 Conclusions

This section is split into two sub-sections: one for the WBLNAs and another for

the bi-directional amplifier.

5.1.1 Wideband LNAs

All the WBLNA designs were based in the noise canceling topology, which con-

sists of two parallel branches of amplifiers whose outputs are subtracted to generate the

WBLNA main output. This work explored many possibilities on the choice of the auxil-

iary amplifier which is the one responsible for giving the WBLNA the flexibility desired.

The core of all the WBLNA designs was the resistive-feedback inverter.

The main contribution of this work in the WBLNA field is to show that the auxil-

iary amplifier can be designed so as to improve any performance parameter of a WBLNA

or a combination of them with a noise canceling topology. Six designs were developed in

this work to demonstrate this and each of them focused on improving some performance

parameters such as IIP3, NF, bandwidth, gain, power dissipation, voltage supply and even

the sensitivity to variability.

A summary is presented below with the worst case scenario for the focused pa-

rameters of each of the 6 designed topologies (all post-layout simulations):

1. High IIP3 and low sensitivity to variability: IIP3 min. = 3.3 dBm and σ for IIP3 in

Monte Carlo simulations: σIIP3 = 1.75 dBm.

2. Low NF and low sensitivity to variability: NF max. = 2 dB and σ for NF in Monte

Carlo simulations: σNF = 0.7 dB.

3. Bandwidth: the max. bandwidth achieved was 2-decades from 15 MHz to 1.6 GHz.

4. Combined bandwidth, high IIP3 and small area: 1-decade bandwidth 0.3 - 3 GHz,

IIP3 min. = 4.65 dBm and area occupied: 0.0012 mm2.
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5. Combined bandwidth, high IIP3, low power, small area, low sensitivity to variabil-

ity: 1-decade bandwidth from 0.2 - 2 GHz, 2mW power dissipation, area occupied

= 0.003 mm2 (with decoupling capacitors) and 0.001 mm2 active area, sigmaIIP3

= 1.9 dBm.

6. Ultra-low voltage, high IIP2 and low power: voltage supply 450 mV, IIP2 min. =

13 dBm and 2mW power dissipation.

7. Ultra-low voltage and high IIP2: voltage supply 0.6 V and IIP2 min. = 25 dBm.

As can be seen in the worst case parameters presented above, it was possible to

focus on a combined set of parameters in order to improve the WBLNA performance by

just modifying the auxiliary amplifier topology.

The hardest difficulty confronted by the author in the development of this thesis

was the availability of test instruments to measure the WBLNAs designed. The measure-

ments presented for the first WBLNA designed was the only one that was in reach for this

work to be measured.

5.1.2 Bi-directional Amplifier

The bi-directional amplifier design proved to work very well up to schematic level

with the transformers in layout level. However, the transistors and interconnections be-

tween them at layout level proved to be the hardest challenge in this design. For the

desired frequency of 28 - 30 GHz, the layout traces had to be almost custom made for

each specific interconnection which demanded too much time in a period where time was

scarce for this work to be done. One conclusion to be taken here is to allocate much more

time for the layout design than what was done for this work. The layout was designed in

1 month, but it would have been better to have 3 months to achieve better results.

It was possible to get post-layout simulations for the entire chip of the BDA which

showed that the topology that was thought early in ADS could be implemented inside the

chip at layout level. However, the measurements for the BDA did not work and there was

not enough time to investigate the cause. One unsual characteristic of the chip was that it

had all the pads with holes on them, which might have been an issue.

Another very important aspect of the BDA design is that it contained 8 on-chip

transformers which were not characterized in measurements at all, because this work

only had one tapeout to submit everything together. A big bet was placed in fabricating
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everything together without characterizing individually each of the three different trans-

formers and also the amplifiers involved. The most reasonable cause of the BDA not to

work might have been the amount of uncharacterized elements fabricated all together in

only one tapeout that was available.

Nonetheless, the 8 transformers have to be simulated using an EM simulator such

as Keysight Momentum to evaluate their coupling, since they were placed very close

to each other due to the area constraints of the chip that was 1 mm x 1 mm. If more

area is available, one strategy to separate them more from each other and design the

transmission lines to connect them can solve any coupling issue that might show up in the

EM simulations of the 8 transformers together.

5.2 Future Work

The future work for the WBLNAs is to fabricate more designs proposed in this

thesis to measure them. Besides, there is a lot of room to improve the overall receiver

performance if the mixer is also considered in each of the WBLNA versions. So designing

a mixer that follows the same idea to prioritize one or combined performance parameters

can give some insight on how to improve the overall receiver performance in a wideband

scenario.

Regarding the BDA, the next step is definitely to break down each individual block

and try to fabricate the transformers isolated and one version of the circulator for example,

before submitting the whole BDA. In this way, all the characterization can be performed

and fixed before putting everything together on the BDA circuit. Another improvement is

to use a different IC PDK, which offers more than one thick metal to design the transform-

ers, such as the Global Foundries CMOS 130 nm where 3 thick metals are available. This

would require a redesign at integrated circuit level, but all the specifications and system

level design remain the same. The transformers redesign would benefit from a two layer

thick metal that open up the topology possibilities, allowing to take more advantage of

the measured results presented in (LEITE, 2011).

Besides, an EM simulation has to be performed to evaluate the coupling between

the 8 transformers, since they were located very close to each other in the final chip layout.

This could lead to other design improvements, such as designing the transmission lines to

connect them if they are too far from each other.
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5.3 Publications List

These are the publications which resulted from this Ph.D. research work over the

last 4 and a half years :

• COSTA, A.; KLIMACH, H.; BAMPI, S. High linearity 24 db gain wideband induc-

torless balun low-noise amplifier for ieee 802.22 band. Analog Integrated Circuits

and Signal Processing, Springer US, v. 83, n. 2, p. 187–194, 2015. ISSN 0925-

1030.

• A. L. T. Costa, H. Klimach and S. Bampi, "A 2-decades wideband low-noise am-

plifier with high gain and ESD protection," 2015 28th Symposium on Integrated

Circuits and Systems Design (SBCCI), Salvador, 2015, pp. 1-6.

• A. L. T. Costa, H. Klimach and S. Bampi, "Ultra-low voltage wideband inductorless

balun LNA with high gain and high IIP2 for sub-GHz applications," 2016 IEEE

International Symposium on Circuits and Systems (ISCAS), Montreal, QC, 2016,

pp. 289-292. doi: 10.1109/ISCAS.2016.7527227.

• A. L. T. Costa, H. Klimach and S. Bampi, "A 450 mV supply self-biased wideband
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10.1109/SBCCI.2016.7724068.
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143

REFERENCES

ANSARI, A.; YAVARI, M. A very wideband low noise amplifier for cognitive radios.
In: Electronics, Circuits and Systems (ICECS), 2011 18th IEEE International
Conference on. [S.l.: s.n.], 2011. p. 623–626.

ARCHER, J. W.; SEVIMLI, O.; BATCHELOR, R. A. Bi-directional amplifiers for half-
duplex transceivers. In: GaAs IC Symposium. IEEE Gallium Arsenide Integrated
Circuit Symposium. 21st Annual. Technical Digest 1999 (Cat. No.99CH36369). [S.l.:
s.n.], 1999. p. 251–254. ISSN 1064-7775.

BALANKUTTY, A.; KINGET, P. Ultra-low voltage integrated receivers in nanoscale
cmos. In: Circuits and Systems (MWSCAS), 2011 IEEE 54th International Midwest
Symposium on. [S.l.: s.n.], 2011. p. 1–4. ISSN 1548-3746.

BARRAS, D. et al. A low supply voltage sige lna for ultra-wideband frontends.
Microwave and Wireless Components Letters, IEEE, v. 14, n. 10, p. 469–471, Oct
2004. ISSN 1531-1309.

BLAAKMEER, S. et al. Wideband balun-lna with simultaneous output balancing,
noise-canceling and distortion-canceling. Solid-State Circuits, IEEE Journal of, v. 43,
n. 6, p. 1341–1350, June 2008. ISSN 0018-9200.

BLAAKMEER, S. et al. Wideband cmos receivers exploiting simultaneous output
balancing and noise/distortion canceling. In: Microwave Integrated Circuit
Conference, 2008. EuMIC 2008. European. [S.l.: s.n.], 2008. p. 163–166.

BRUCCOLERI, F.; KLUMPERINK, E.; NAUTA, B. Wide-band cmos low-noise
amplifier exploiting thermal noise canceling. Solid-State Circuits, IEEE Journal of,
v. 39, n. 2, p. 275–282, 2004. ISSN 0018-9200.

CAFARO, G. et al. A 100 mhz 2.5 ghz direct conversion cmos transceiver for sdr
applications. In: Radio Frequency Integrated Circuits (RFIC) Symposium, 2007
IEEE. [S.l.: s.n.], 2007. p. 189–192. ISSN 1529-2517.

CHANG, B.-Y.; JOU, C. Design of a 3.1-10.6ghz low-voltage, low-power cmos low-
noise amplifier for ultra-wideband receivers. In: Microwave Conference Proceedings,
2005. APMC 2005. Asia-Pacific Conference Proceedings. [S.l.: s.n.], 2005. v. 2, p. 4
pp.–.

CHANG, C.-S.; GUO, J.-C. Ultra-low voltage and low power uwb cmos lna using
forward body biases. In: Radio Frequency Integrated Circuits Symposium (RFIC),
2013 IEEE. [S.l.: s.n.], 2013. p. 173–176. ISSN 1529-2517.

CHANG, C.-S.; GUO, J.-C. Ultra-low voltage and low power uwb cmos lna using
forward body biases. In: Radio Frequency Integrated Circuits Symposium (RFIC),
2013 IEEE. [S.l.: s.n.], 2013. p. 173–176. ISSN 1529-2517.

CHEN, K.-H.; LIU, S.-I. Inductorless wideband cmos low-noise amplifiers using noise-
canceling technique. Circuits and Systems I: Regular Papers, IEEE Transactions on,
v. 59, n. 2, p. 305–314, Feb 2012. ISSN 1549-8328.



144

CHENG, W. et al. A wideband im3 cancellation technique using negative impedance
for lnas with cascode topology. In: Radio Frequency Integrated Circuits Symposium
(RFIC), 2012 IEEE. [S.l.: s.n.], 2012. p. 13–16. ISSN 1529-2517.

CHENG, W.-F. et al. A highly-linear ultra-wideband balun-lna for cognitive radios. In:
EUROCON - International Conference on Computer as a Tool (EUROCON), 2011
IEEE. [S.l.: s.n.], 2011. p. 1–4.

CHO, M.; KIM, J.; BAEK, D. A switchless cmos bi-directional distributed gain amplifier
with multi-octave bandwidth. IEEE Microwave and Wireless Components Letters,
v. 23, n. 11, p. 611–613, Nov 2013. ISSN 1531-1309.

COMSCORE. The 2014 U.S. Mobile App Report @ONLINE. 2014.
<https://www.comscore.com/por/Insights/Presentations-and-Whitepapers/2015/
The-2015-US-Mobile-App-Report>.

COMSCORE. Global Digital Future in Focus @ONLINE. 2018.
<https://www.comscore.com/Insights/Presentations-and-Whitepapers/2018/
Global-Digital-Future-in-Focus-2018>.

COSTA, A.; KLIMACH, H.; BAMPI, S. High linearity 24 db gain wideband inductorless
balun low-noise amplifier for ieee 802.22 band. Analog Integrated Circuits and Signal
Processing, Springer US, v. 83, n. 2, p. 187–194, 2015. ISSN 0925-1030. Available from
Internet: <http://dx.doi.org/10.1007/s10470-015-0531-1>.

COSTA, A. L. T. Inductorless balun low-noise amplifier (LNA) for RF wideband
application to IEEE 802.22 @ONLINE. 2014. <http://hdl.handle.net/10183/106442>.

Costa, A. L. T.; Klimach, H.; Bampi, S. A 2-decades wideband low-noise amplifier with
high gain and esd protection. In: 2015 28th Symposium on Integrated Circuits and
Systems Design (SBCCI). [S.l.: s.n.], 2015. p. 1–6.

Costa, A. L. T.; Klimach, H.; Bampi, S. A 450 mv supply self-biased wideband
inductorless balun lna for sub-ghz applications. In: 2016 29th Symposium on
Integrated Circuits and Systems Design (SBCCI). [S.l.: s.n.], 2016. p. 1–6.

Costa, A. L. T.; Klimach, H.; Bampi, S. Ultra-low voltage wideband inductorless balun
lna with high gain and high ip2 for sub-ghz applications. In: 2016 IEEE International
Symposium on Circuits and Systems (ISCAS). [S.l.: s.n.], 2016. p. 289–292. ISSN
2379-447X.

Costa, A. L. T.; Klimach, H.; Bampi, S. A high iip3 6.5 mw self-biased 0.3–3 ghz
small area lna. In: 2017 IEEE 8th Latin American Symposium on Circuits Systems
(LASCAS). [S.l.: s.n.], 2017. p. 1–4. ISSN 2473-4667.

DOLDáN, R.; GINéS, A. J.; RUEDA, A. Inductor characterization in rf lc-vcos. In: 2013
IEEE 4th Latin American Symposium on Circuits and Systems (LASCAS). [S.l.:
s.n.], 2013. p. 1–4.

ECMA. Standard ECMA-392 @ONLINE. 2009. <http://www.ecma-international.org/
publications/files/ECMA-ST-ARCH/ECMA-392%201st%20edition%20December%
202009.pdf>.

https://www.comscore.com/por/Insights/Presentations-and-Whitepapers/2015/The-2015-US-Mobile-App-Report
https://www.comscore.com/por/Insights/Presentations-and-Whitepapers/2015/The-2015-US-Mobile-App-Report
https://www.comscore.com/Insights/Presentations-and-Whitepapers/2018/Global-Digital-Future-in-Focus-2018
https://www.comscore.com/Insights/Presentations-and-Whitepapers/2018/Global-Digital-Future-in-Focus-2018
http://dx.doi.org/10.1007/s10470-015-0531-1
http://hdl.handle.net/10183/106442
http://www.ecma-international.org/publications/files/ECMA-ST-ARCH/ECMA-392%201st%20edition%20December%202009.pdf
http://www.ecma-international.org/publications/files/ECMA-ST-ARCH/ECMA-392%201st%20edition%20December%202009.pdf
http://www.ecma-international.org/publications/files/ECMA-ST-ARCH/ECMA-392%201st%20edition%20December%202009.pdf


145

EL-GHARNITI, O.; KERHERVE, E.; BEGUERET, J. Modeling and characterization of
on-chip transformers for silicon rfic. IEEE Transactions on Microwave Theory and
Techniques, v. 55, n. 4, p. 607–615, April 2007. ISSN 0018-9480.

ERICSSON. Ericsson Mobility Report @ONLINE. 2014. <http://www.ericsson.com/
res/docs/2014/ericsson-mobility-report-june-2014.pdf>.

HAO, Z. et al. A 0.1-8.5 ghz wideband cmos lna using forward body bias technology for
sdr applications. In: Microwave and Millimeter Wave Technology (ICMMT), 2012
International Conference on. [S.l.: s.n.], 2012. v. 3, p. 1–4.

HAYKIN, S. Cognitive radio: brain-empowered wireless communications. Selected
Areas in Communications, IEEE Journal on, v. 23, n. 2, p. 201–220, Feb 2005. ISSN
0733-8716.

HOANG, V. D. et al. Introduction to 1900.7 network architecture, design and current
status. In: Networks (ICON), 2012 18th IEEE International Conference on. [S.l.:
s.n.], 2012. p. 315–319. ISSN 1556-6463.

IEEE Standard for Architectural Building Blocks Enabling Network-Device Distributed
Decision Making for Optimized Radio Resource Usage in Heterogeneous Wireless
Access Networks Amendment 1. IEEE Std 1900.4a-2011 (Amendment to IEEE Std
1900.4-2009), p. 1–99, Sept 2011.

IEEE Standard for Information technology– Local and metropolitan area networks–
Specific requirements– Part 22: Cognitive Wireless RAN Medium Access Control
(MAC) and Physical Layer (PHY) specifications: Policies and procedures for operation
in the TV Bands. IEEE Std 802.22-2011, p. 1–680, July 2011.

IEEE Standard for Information technology - Telecommunications and information
exchange between systems - Local and metropolitan area networks - Specific
requirements - Part 11: Wireless LAN Medium Access Control (MAC) and Physical
Layer (PHY) Specifications Amendment 5: Television White Spaces (TVWS) Operation.
IEEE Std 802.11af-2013 (Amendment to IEEE Std 802.11-2012, as amended by
IEEE Std 802.11ae-2012, IEEE Std 802.11aa-2012, IEEE Std 802.11ad-2012, and
IEEE Std 802.11ac-2013), p. 1–198, Feb 2014.

IEEE Standard for Information technology–Telecommunications and information
exchange between systems – Local and metropolitan area networks – Specific
requirements – Part 19: TV White Space Coexistence Methods. IEEE Std
802.19.1-2014, p. 1–326, June 2014.

IEEE Standard for Local and metropolitan area networks - Part 15.4: Low-Rate Wireless
Personal Area Networks (LR-WPANs) - Amendment 6: TV White Space Between
54 MHz and 862 MHz Physical Layer. IEEE Std 802.15.4m-2014 (Amendment
to IEEE Std 802.15.4-2011 as amended by IEEE Std 802.15.4e-2012, IEEE Std
802.15.4f-2012, IEEE Std 802.15.4g-2012, IEEE Std 802.15.4j-2013, and IEEE Std
802.15.4k-2013), p. 1–118, April 2014.

IM, D. A +9-dbm output p1db active feedback cmos wideband lna for saw-less receivers.
Circuits and Systems II: Express Briefs, IEEE Transactions on, v. 60, n. 7, p.
377–381, July 2013. ISSN 1549-7747.

http://www.ericsson.com/res/docs/2014/ericsson-mobility-report-june-2014.pdf
http://www.ericsson.com/res/docs/2014/ericsson-mobility-report-june-2014.pdf


146

Im, D. et al. A wideband cmos low noise amplifier employing noise and im2 distortion
cancellation for a digital tv tuner. IEEE Journal of Solid-State Circuits, v. 44, n. 3, p.
686–698, March 2009. ISSN 0018-9200.

IM, D.; NAM, I.; LEE, K. A low power broadband differential low noise amplifier
employing noise and im3 distortion cancellation for mobile broadcast receivers.
Microwave and Wireless Components Letters, IEEE, v. 20, n. 10, p. 566–568, Oct
2010. ISSN 1531-1309.

INDUSTRIES, G. CS-15 datasheet @ONLINE. 2018. <http://www.ggb.com/calsel.
html>.

KUMAR, T. B.; MA, K.; YEO, K. S. A 60-ghz bi-directional variable gain amplifier with
microstrip-line interconnect in 65 nm cmos. In: 2016 IEEE International Workshop
on Electromagnetics: Applications and Student Innovation Competition (iWEM).
[S.l.: s.n.], 2016. p. 1–3.

KUO, M.-C.; KUO, C.-N.; CHUEH, T.-C. Wideband lna compatible for differential and
single-ended inputs. Microwave and Wireless Components Letters, IEEE, v. 19, n. 7,
p. 482–484, July 2009. ISSN 1531-1309.

LEITE, B. Design and modeling of mm-wave integrated transformers in
CMOS and BiCMOS technologies. Thesis (Theses) — Université Sciences
et Technologies - Bordeaux I, nov. 2011. Available from Internet: <https:
//tel.archives-ouvertes.fr/tel-00667744>.

LIANG, H.-B. et al. Optimization of pgs pattern of transformers/inductors in standard
rf bicmos technology for rfic applications. In: IEEE Radio Frequency Integrated
Circuits (RFIC) Symposium, 2006. [S.l.: s.n.], 2006. p. 4 pp.–. ISSN 1529-2517.

LIAO, Y.; TANG, Z.; MIN, H. A cmos wide-band low-noise amplifier with balun-based
noise-canceling technique. In: Solid-State Circuits Conference, 2007. ASSCC ’07.
IEEE Asian. [S.l.: s.n.], 2007. p. 91–94.

LIN, Y.-S. et al. High-performance wideband low-noise amplifier using enhanced π
-match input network. Microwave and Wireless Components Letters, IEEE, v. 24,
n. 3, p. 200–202, March 2014. ISSN 1531-1309.

LIU, J.; LIAO, H.; HUANG, R. 0.5 v ultra-low power wideband lna with forward
body bias technique. Electronics Letters, v. 45, n. 6, p. 289–290, March 2009. ISSN
0013-5194.

LIU, J.; LIAO, H.; HUANG, R. 0.5 v ultra-low power wideband lna with forward
body bias technique. Electronics Letters, v. 45, n. 6, p. 289–290, March 2009. ISSN
0013-5194.

LONG, J. R. Monolithic transformers for silicon rf ic design. IEEE Journal of
Solid-State Circuits, v. 35, n. 9, p. 1368–1382, Sep. 2000. ISSN 0018-9200.

MALONEY, S.; BOCI, I. Survey: Techniques for efficient energy consumption in mobile
architectures. mar. 2012. Available from Internet: <https://pdfs.semanticscholar.org/
9fb3/d506082821b821b4434584e2116f6b7da109.pdf>.

http://www.ggb.com/calsel.html
http://www.ggb.com/calsel.html
https://tel.archives-ouvertes.fr/tel-00667744
https://tel.archives-ouvertes.fr/tel-00667744
https://pdfs.semanticscholar.org/9fb3/d506082821b821b4434584e2116f6b7da109.pdf
https://pdfs.semanticscholar.org/9fb3/d506082821b821b4434584e2116f6b7da109.pdf


147

MITOLA, J.; MAGUIRE G.Q., J. Cognitive radio: making software radios more
personal. Personal Communications, IEEE, v. 6, n. 4, p. 13–18, Aug 1999. ISSN
1070-9916.

MOEZZI, M.; BAKHTIAR, M. Wideband lna using active inductor with multiple
feed-forward noise reduction paths. Microwave Theory and Techniques, IEEE
Transactions on, v. 60, n. 4, p. 1069–1078, April 2012. ISSN 0018-9480.

NGUYEN, V. T.; VILLAIN, F.; GUILLOU, Y. L. Cognitive radio rf: Overview
and challenges. VLSI Des., Hindawi Publishing Corp., New York, NY, United
States, v. 2012, p. 1:1–1:1, jan. 2012. ISSN 1065-514X. Available from Internet:
<http://dx.doi.org/10.1155/2012/716476>.

NIKNEJAD, A. M.; MEYER, R. G. Analysis, design, and optimization of spiral
inductors and transformers for si rf ics. IEEE Journal of Solid-State Circuits, v. 33,
n. 10, p. 1470–1481, Oct 1998. ISSN 0018-9200.

PANDEY, S.; SINGH, J. A 0.6 v, low-power and high-gain ultra-wideband low-noise
amplifier with forward-body-bias technique for low-voltage operations. Microwaves,
Antennas Propagation, IET, v. 9, n. 8, p. 728–734, 2015. ISSN 1751-8725.

PANDEY, S.; SINGH, J. A 0.6 v, low-power and high-gain ultra-wideband low-noise
amplifier with forward-body-bias technique for low-voltage operations. Microwaves,
Antennas Propagation, IET, v. 9, n. 8, p. 728–734, 2015. ISSN 1751-8725.

PARVIZI, M.; ALLIDINA, K.; EL-GAMAL, M. A sub-mw, ultra-low-voltage, wideband
low-noise amplifier design technique. Very Large Scale Integration (VLSI) Systems,
IEEE Transactions on, v. 23, n. 6, p. 1111–1122, June 2015. ISSN 1063-8210.

PARVIZI, M.; ALLIDINA, K.; EL-GAMAL, M. A sub-mw, ultra-low-voltage, wideband
low-noise amplifier design technique. Very Large Scale Integration (VLSI) Systems,
IEEE Transactions on, v. 23, n. 6, p. 1111–1122, June 2015. ISSN 1063-8210.

PATIL, S. A comparative analysis of optimization techniques in cognitive radio(qos).
International Journal of Engineering and Advanced Technology (IJEAT), v. 6, p.
97–102, 02 2017.

PIMENTEL, H.; BAMPI, S. A 50mhz x2013;lghz wideband low noise amplifier in
130nm cmos technology. In: Integrated Circuits and Systems Design (SBCCI), 2012
25th Symposium on. [S.l.: s.n.], 2012. p. 1–6.

RAZAVI, B. Challenges in the design of cognitive radios1. In: Custom Integrated
Circuits Conference, 2009. CICC ’09. IEEE. [S.l.: s.n.], 2009. p. 391–398.

RAZAVI, B. Cognitive radio design challenges and techniques. Solid-State Circuits,
IEEE Journal of, v. 45, n. 8, p. 1542–1553, 2010. ISSN 0018-9200.

RAZAVI, B. RF Microeletronics. Second. Upper Sadle River, NJ-US: Prentice Hall,
2011.

RENSBURG, P. A. J. van; FERREIRA, H. C. The role of magnetizing and leakage
inductance in transformer coupling circuitry. In: . [S.l.: s.n.], 2004.

http://dx.doi.org/10.1155/2012/716476


148

SACHS, G. The Internet of Things: Making sense of the next mega-trend @ON-
LINE. 2014. <http://www.goldmansachs.com/our-thinking/pages/internet-of-things/
iot-report.pdf>.

SAMUYLOV, K. City of the future scheme with the 5G networks @ONLINE. 2017.
<https://phys.org/news/2017-10-mathematicians-5g-mobile-future.html>.

SLIMANE, A. et al. A 0.6-v/1.2-v low power single ended cmos lna for multi-standard rf
front-ends. In: Microelectronics (ICM), 2014 26th International Conference on. [S.l.:
s.n.], 2014. p. 68–71.

SONG, I. et al. A 2–22 ghz wideband active bi-directional power divider/combiner in
130 nm sige bicmos technology. In: 2016 IEEE MTT-S International Microwave
Symposium (IMS). [S.l.: s.n.], 2016. p. 1–4.

TOOLE, B.; PLETT, C.; CLOUTIER, M. Rf circuit implications of moderate inversion
enhanced linear region in mosfets. Circuits and Systems I: Regular Papers, IEEE
Transactions on, v. 51, n. 2, p. 319–328, Feb 2004. ISSN 1549-8328.

WANG, H.; ZHANG, L.; YU, Z. A wideband inductorless lna with local feedback
and noise cancelling for low-power low-voltage applications. Circuits and Systems I:
Regular Papers, IEEE Transactions on, v. 57, n. 8, p. 1993–2005, Aug 2010. ISSN
1549-8328.

WANG, H.; ZHANG, L.; YU, Z. A wideband inductorless lna with local feedback
and noise cancelling for low-power low-voltage applications. Circuits and Systems I:
Regular Papers, IEEE Transactions on, v. 57, n. 8, p. 1993–2005, Aug 2010. ISSN
1549-8328.

WANG, L.; SAAVEDRA, C. E. 28–31 ghz bi-directional amplifier for 5g wireless
repeaters. In: 2017 IEEE 28th Annual International Symposium on Personal,
Indoor, and Mobile Radio Communications (PIMRC). [S.l.: s.n.], 2017. p. 1–4. ISSN
2166-9589.

WANG, X. et al. 0.6 x2013;3-ghz wideband receiver rf front-end with a feedforward
noise and distortion cancellation resistive-feedback lna. Microwave Theory and
Techniques, IEEE Transactions on, v. 60, n. 2, p. 387–392, 2012. ISSN 0018-9480.

XIMENES, A.; SWART, J. A wideband noise canceling low-noise amplifier for 50mhz
x2013;5ghz wireless receivers in cmos technology. In: New Circuits and Systems
Conference (NEWCAS), 2011 IEEE 9th International. [S.l.: s.n.], 2011. p. 197–200.

YOUSSEF, A.; ISMAIL, A.; HASLETT, J. A sub - 2 db noise figure wideband lna in 65
nm cmos for mobile tv applications. In: Silicon Monolithic Integrated Circuits in RF
Systems (SiRF), 2010 Topical Meeting on. [S.l.: s.n.], 2010. p. 164–167.

YU, C. S. et al. Switchless bi-directional amplifier. In: 2006 Asia-Pacific Microwave
Conference. [S.l.: s.n.], 2006. p. 476–479. ISSN 2165-4727.

ZHANG, H.; FAN, X.; SINENCIO, E. A low-power, linearized, ultra-wideband lna
design technique. Solid-State Circuits, IEEE Journal of, v. 44, n. 2, p. 320–330, 2009.
ISSN 0018-9200.

http://www.goldmansachs.com/our-thinking/pages/internet-of-things/iot-report.pdf
http://www.goldmansachs.com/our-thinking/pages/internet-of-things/iot-report.pdf
https://phys.org/news/2017-10-mathematicians-5g-mobile-future.html


149

APPENDIX A — SYSTEM LEVEL DEFINITIONS AND CONSIDERATIONS IN

RF COMMUNICATIONS

In this section it is presented the basic concepts that are going to be used through-

out this document for system level design. These concepts are needed in order to un-

derstand the standard specifications for the radio and also to chose the receiver topology,

(RAZAVI, 2011).

A.1 Modulation schemes for wireless communications

Many modulation schemes have been developed in the last century, since the in-

vention of the radio. It all started with analog modulation such as Amplitude Modulation

(AM) whose waveform is defined as:

xAM(t) = Ac[1 +mxBB]cos(ωct) (A.1)

where m is the modulation index, xBB is the baseband signal and ωc is the carrier

frequency. The carrier frequency is generated by a local oscillator and the multiplication

operation in time domain is implemented by a mixer. This results in a frequency trans-

lation in the frequency domain that can be either for a higher frequency (up-conversion)

or to a lower frequency (down-conversion). This concept is the core of all radios of mod-

ern electronic devices, even when considering other types of modulations, the AM is still

used.

In sequence, the Frequency Modulation (FM) was developed in order to improve

signal quality, given the amplitude of a signal suffered a high degradation when passing

through the communication channel (air in this case). If the information goes in the

frequency, it is more robust to degradation when passing through the channel. The FM is

defined as:

xFM(t) = Accos[ωct+m

∫ t

−∞
xBB(τ)dτ ] (A.2)

This equation implies that the baseband signal xBB is proportional to the excess

frequency dθ
dt

.

There is also a variation of the FM which is called Phase Modulation (PM). This

is the case where the baseband signal xBB is proportional to the excess phase θ. The
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equation looks like:

xPM(t) = Accos[ωct+mxBB] (A.3)

It has become clear that the information going either in the frequency or the phase

of the carrier had much more immunity to degradation caused by the channel.

As digital communication developed, many modulation schemes were created de-

rived from the above presented ideas. The digital modulation schemes focused on the

transmission of bits representing a digital converted signal rather than the analog signal

itself. The reason for this is that it is easier to correct bit errors than analog signal degra-

dations.

Just as before, the information is now transmitted in either the amplitude, fre-

quency or phase of the carrier. As bits are supposed to be transmitted now, one simply

needs to switch between two amplitudes, frequencies or phases. Although more com-

plex digital modulation schemes switch among 4 or more values, the switching is still the

same.

If the amplitude is to be switched, then it is called Amplitude Switch Keying

(ASK), where the amplitude of a carrier is switched on and off in transmission. Other-

wise, if the frequency is to be switched, then it is called Frequency Switch Keying (FSK),

where usually there are two frequencies that are switched between each other depending

if it is a bit 0 or 1. The FSK signal looks like:

xFSK = a1cos(ω1t) + a2cos(ω2t) (A.4)

where a1a2 can only be "10" and "01". The Phase Switch Keying (PSK) switches

between two phases, usually θ = 0º or 180º. Its equation is showed below:

xPSK = Accos(ωt+ θ) (A.5)

The digital modulation schemes consumed too much bandwidth, given the sudden

rises and falls of its square waves. One idea to reduce the number of rises and falls per

baseband signal, and then reduce the bandwidth, is the utilization of quadrature modula-

tions. Just as before, quadrature modulations carry the information either in the amplitude,

frequency or phase of the carrier. The difference now is that two modulated signals are

transmitted, one carrying the even bits and the other carrying the odd bits. This produced

two signals with half the bandwidth of the original bit stream. The quadrature modulation
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was developed to be used firstly with a PSK signal. The form of the equation is:

x(t) = eAccos(ωct)− oAcsin(ωct) (A.6)

where "e" means the pulses of even bits and "o" the pulses of the odd bits, as-

suming values of ±1 each (0º or 180º of phase). This is the form of the QPSK. The

Quadrature Amplitude Modulation (QAM) is just the QPSK with variable amplitudes for

Ac. The equation for the QAM signal is:

xQAM(t) = α1Accos(ωct)− α2Acsin(ωct) (A.7)

where alpha1 and alpha2 can assume as many values as it is the order of the QAM

signal. If 16QAM is considered, then alpha1 and alpha2 can assume values of ±1 and

±2 each. Giving 4 possible values for each sinusoidal (2 phases and 2 amplitudes each),

having 16 possibilities of signals in total. If 8 possible amplitudes are considered instead

of 2, the 64QAM is formed.

The last important modulation scheme discussed in this section (the reader must

know that there are many others and only the main are discussed here) is the Orthogonal

Frequency Division Multiplexing - OFDM. This is not a mathematical modulation as the

previously discussed schemes. It is an architectural solution for the multipath propagation

issue in high speed transmissions. The problem is that a signal with a high bandwidth

using a QPSK modulation for example suffers many propagation reflections in buildings

and other obstacles during its propagation through air. This results in a bunch of delayed

versions of the original signals arriving at the receiver. Which in turn, has a hard time in

demodulating those many signals and recovering the original.

The solution is implemented with OFDM. The original signal is demultiplexed

into N orthogonal bit streams that are each modulated to a sub-carrier prior to transmis-

sion. The final transmitting signal is the sum of all the modulated sub-signals. Each

modulated sub-signal has a bandwidth which is 1/N of the original. Thus suffering 1/N

less from multipath propagation in its way to the receiver. When it gets there, the re-

ceiver gets all the sub-signals demodulated from their carriers and multiplexed back to

the original baseband. This widely used in modern communication standards.
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A.2 Radio frequency signals properties

In this section, we describe the properties and issues related to transmission and

reception of wireless signals. Obviously, only the most important are listed here to give

the reader a notion.

A.2.1 Inter symbol interference

The problem of inter symbol interferences rises from the fact that all filters inside

a radio have limited bandwidth. As such, a perfect square wave will never come out of

any of those filters. Assuming an RC first order estimation, one can see that the rises and

falls of the square wave are going to be exponential growth or decays. If the time constant

of the filter is too slow, one exponential decay may not finish while the next exponential

growth starts. This leads to a intermediate voltage value in the square wave output of

the filter that is hard to detect if it is a 0 or a 1. This is called inter symbol interference

(ISI). The least the bandwidth of the filters used in the presence of digital modulation, the

higher the ISI.

A.2.2 Pulse shaping

One technique to reduce bandwidth of digitally modulated signals is pulse shaping.

Consider a pulse with its Fourier transform waveform as a Sinc function. The sharper

the edges of the pulse, the more sub-lobes the frequency waveform has. Which means

the higher bandwidth. Thus, if the edges of the square waves could be smoothed, the

resulting frequency domain waveform would have a smaller bandwidth. This technique

of smoothing the rises and falls of a square wave is called pulse shaping.

A.2.3 Signal constellations

Signal constellations are the graphical representations of quadrature modulated

bits. Take PSK modulation for example. Recall from the previous section that its equation
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is:

xPSK = αAccos(ωt) (A.8)

where α =±1. The signal constellation for this example is simply one axis having

-1 and +1 at each side. In the ASK modulation, the same axis can be used but with the

values of 0 and 1. In the presence of noise, the points of -1 and +1 of the PSK modulation

becomes fuzzy (many points around -1 and many points around +1). This points around

each -1 and +1 is called a cloud and results in detection errors. The FSK modulation has

also two points, however, we need two axis to represent them, given it is a cos + sin signal.

In the cos axis we put +1 and in the sin axis we put also 1. Thus, in the presence of noise

the FSK signal is harder to detect than the PSK. Because the PSK signal has its dots in

opposite sides of the axis and in FSK, a line at 45º separates the decision for each bit.

In order to quantify the errors a common measurement is the Error Vector Magni-

tude (EVM) in Root Mean Square (RMS) values. The EVM is an average of all vectors

starting at the original dot and going to each of the error dots. The formula is given by:

EVMV olt =
1

VRMS

√√√√ 1

N

N∑
j=1

e2j (A.9)

A.2.4 PAR and Spectral growth

As can be realized from the discussion up to this point, all digital modulation

schemes have a high bandwidth due to the sharp edges of its square waves. Depending

on the modulation, the amplitude may vary a lot, such as 64QAM for example. A signal

with high amplitude variation demands a very linear Power Amplifier (PA). Otherwise,

the PA non-linearity will cause amplitude variations which will be added to the original

signal corrupting it. There is a measure for amplitude variation used in the design of PAs

and also to measure how the amplitude of some modulation schemes vary. This is called

the Peak-to-Average Ratio (PAR), which is simply the ratio of the peak amplitude by the

average amplitude.

Another way to see the PA non-linearity effect in the transmitted signal is to look

at the spectral growth. Clearly the harmonics generated by the PA is going to widen the

spectrum of the original signal. This will demand better filtering in the receiver and make
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detection harder.

A.3 Mobile communications basic concepts

In this section, prior to looking at the wireless standards targeted in this work, the

basic concepts of mobile communications such as duplexing and multiple access tech-

niques are discussed. These concepts define the receiver topology at the input and also

the bandwidth involved.

A.3.1 Duplexing

Duplexing is simply a communication in two-way of transceivers. There are

mainly two schemes for this purpose, i.e., Time Division Duplexing (TDD) and Frequency

Division Duplexing (FDD). In TDD, the same frequency band of tuning is used for both

transceivers, each having an antenna switch that alternates between the transmitter (TX)

and the Receiver (RX). Which means, in a TDD duplexing, a radio can only transmit or

receive the signal at a given time.

Advantages:

• Good isolation between TX and RX, given one of them is shutdown at all times.

• Offers direct connection between devices or Peer-to-Peer (P2P).

Disadvantages:

• Any other TX nearby is going to degrade the sensitivity of the receiver or even

saturate it.

In FDD, two different frequencies are used for transmission and reception, respec-

tively. This allows both the transmitter and the receiver to be connected to the antenna

at all times. It only requires the addition of a pass-band filter at the input of each one of

them. As the transmission is done at one frequency and reception at another, there can be

no direct communication between two devices. This requires a base station to interface

two transceivers.

Advantages:

• There is no problem of other TX nearby, since they will get filtered out by the

receiver.
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Disadvantages:

• Bad isolation between the TX and RX, there is no switch.

• The additional filters cause noise figure loss at the receiver and signal power loss at

the transmitter.

• There is leakage to adjacent channels.

Although the FDD has more disadvantages than TDD, all of these disadvantages

are well mitigated by circuit and topology design. While the only disadvantage of TDD

cannot be tolerated. In practice, FDD or a combination of both is used.

A.3.2 Multiple access techniques

In order to put many users or devices to access the same frequency band or spec-

trum, there have to be multiple access techniques to be employed. These techniques along

with channel bandwidth define the total amount of users supported by each standard in a

certain geographical region. This means, in order to increase the number of users beyond

the access limit, a company has to build up another base station geographically separated

from the other so that they do not interfere with each other.

There are mainly three schemes that dominate most of the modern wireless com-

munications: Frequency Division Multiple Access (FDMA), Time Division Multiple Ac-

cess (TDMA) and Code Division Multiple Access (CDMA). In FDMA, the total band-

width allocated for a given standard is divided into smaller bands called channels. Each

user is assigned one channel and the total capacity is the ratio of total bandwidth available

and the size of each channel. Recall that if a standard uses FDD, each user has to be

assigned two channels at a time, reducing the total user capacity by half at a given time.

After the channel is used, it is free to another user. In TDMA, each user has (ideally)

the whole bandwidth available at a time. Ideally, there would be a queue of users waiting

to communicate. Using digital signals can allow compression to increase the number of

users. An advantage is that the PA is shutdown while a user is in the queue. A combi-

nation of FDMA and TDMA would be interesting. Thus, each user would be assigned

a channel and there would be a queue to access that channel. This increases the total

user capacity by the size of the queue of the TDMA. In CDMA, every user has the whole

bandwidth available at all times. Yes. The complete bandwidth can be used forever by all

users. The secret to allow this is that each user information is orthogonally coded such
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that in signal reception only one signal could be received. So if one wants to receive a

signal A, it would require to decode the code A. If one wants to receive a signal B, it

would only need to decode code B. As all signals are available all the time, one simply

chooses what signal it wants to receive or transmit. The total user capacity of this scheme

is set by the size of the decoding matrix stored in the receiver. A NxN matrix will al-

low N users. As codification takes advantage of the whole available spectrum, it is one

form of Spread Spectrum (SS). One type of CDMA is Direct-Sequence Spread Spectrum

(DS-SS). The problem of CDMA is the noise floor increase caused by the presence of all

the unwanted signals. As all users are in the same bandwidth, the receiver gets them all

and demodulates only one of them, despreading its spectrum. After despread, the wanted

signal has a higher power, however all the other signals that are still spread raise the noise

floor and degrade NF of the receiver. This limits the number of users for CDMA scheme.

A.4 Wireless standard specifications for the radio at system level

When designing a radio for a given standard, one has to look into the radio spec-

ifications in the document (usually large with many pages) provided by the group who

created it. These specifications are usually in the PHY (physical) layer of the standard.

So, among all documents provided, one has to look for the PHY layer specifications or

operating policies. When in the PHY layer document, one has to look into radio spec-

ifications. Usually, specifications are provided for system level and the designer has to

determine the block level specifications for the radio. The usually provided specifications

in a standard documentation are:

1. Frequency bandwidth and channels: the operating bandwidth assigned for this

standard. Ex.: for Bluetooth it is 2400 MHz - 2480 MHz. Each channel has 1 MHz,

so there are 80 channels for this standard.

2. Data rate: the bit per second rate of communication. The data rate for a given

standard may vary depending on the modulation scheme. There are standards that

use many modulation schemes depending on how good is the signal strength, thus,

different data rates.

3. Antenna duplexing mode: the TDD, FDD or a combination of both is provided.

This defines the input of the transceiver. The need of using switches, filters, etc.

4. Modulation type: as previously mentioned, a standard can have many different
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schemes of modulation. For example, the WiFi with good signal strength uses

64QAM, while in poor signal strength it uses PSK.

5. TX output power: this can also vary depending on power monitoring from both

base station and the receiver. For example, in Bluetooth the output power is 0 dBm.

6. TX EVM and spectral mask: the EVM specifies signal quality and the mask

specifies the invasion on adjacent channels. Both are caused by the PA non-linearity.

7. RX sensitivity: this is the lower signal power a receiver has to detect for a given

standard. The sensitivity is just the noise figure equation of the receiver written

differently. It considers a given output SNR and calculates in the NF formula the

input signal required. The output SNR is obtained from the Bit Error Rate (BER)

required by the standard. The BER is the number of error bits present in the bit

stream received.

8. RX dynamic range: this sets the maximum input power variation range of the

receiver. This goes from the sensitivity (far signal) to the high power levels (near

signal).

9. RX tolerance to blockers: this sets the receiver compression point and IP3. Usu-

ally, a signal power for blockers in adjacent channels is given for the receiver to

tolerate. The receiver must maintain the BER in the presence of such blockers.

The IP3 specification is related to the in-band and out-of-band blocker tolerances.

The in-band IP3 considers an intermodulation two tone test for blockers in two adjacent

channels of the desired channel. The out-of-band IP3 considers a two tone test far spaced

from each other in order to take into account the effect of and out-of-band unwanted sig-

nal, which is far away from the desired channel. In order to calculate the IP3 specification

of the receiver, it is necessary to derive the equation that relates the IP3 to the output pow-

ers of blockers and intermodulation products. Consider a 3rd order system that suffers

from gain compression. The fundamental and 3rd order gain curves, considering voltage

amplitudes, are depicted in Fig. A.1, taken from [razavi]. As the fundamental grows or

fall with a slope of 1, the 3rd order grows or falls with the slope of 3, all in a log-log scale

graph. Thus the difference between both curves, i.e., ∆AOUT and ∆AIN falls with a slope

of 2. If the starting point is where both curves meet, i.e., at AIIP3, it yields the equation

below, considering a fall slope of 2 for the difference:
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Figure A.1: IP3 calculation from the measured input and output powers. Source:
(RAZAVI, 2011).

∆P = 20logAf − 20logAIM = 2(20logAIIP3 − 20logAin1) (A.10)

20logAIIP3 =
∆P

2
+ 20logAin1 (A.11)

PIIP3 =
∆P

2
+ PIN (A.12)

When setting up the specification for IP3, it is convenient to refer all values to

either the input or the output of the system. Choosing the input as a reference, it yields:

∆P = POUT − PIMOUT
(A.13)

PIN = POUT −G (A.14)

PIMIN
= PIMOUT

−G (A.15)

Substituting into the PIIP3:

PIIP3 = PIN +
PIN − PIMIN

2
(A.16)

PIN =
2PIIP3 + PIMIN

3
(A.17)

PIIP3 =
3PIN − PIMIN

2
(A.18)

The PINMAX
is the maximum value of the PIN of either an in-band or out-of-band
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blocker that produces an PIMIN
value that, when added to the integrated noise of the

receiver, maintains the required SNROUT (meets the BER requirement). The integrated

noise of the receiver is given by:

INRECEIV ER = −174dBm+NF + 10logBW (A.19)

Where the -174 dBm value is 10 log(1000kBT). For example, if the in-band blocker

tolerance requirement is -49 dBm at a specification of:

1. 3 dB above the sensitivity of -102 dBm = -99 dBm.

2. NF of 10 dB.

3. SNROUT = 9 dB.

4. BW of 200 kHz.

The INRECEIV ER is given by:

INRECEIV ER = −174dBm+ 10 + 10log200 ∗ 103 (A.20)

INRECEIV ER = −174 + 10 + 53 (A.21)

INRECEIV ER = −111dBm. (A.22)

The SNROUT of 9 dB in a 3 dB above sensitivity value of -99 dBm requires

-108 dBm as the limit for total noise including intermodulation degradation. As the

INRECEIV ER = -111 dBm, the added PIMIN
can only cause a 3 dB degradation on top of

the -111 dBm value to meet the -108 dBm limit. Which means, PIMIN
must be equal to

-111 dBm in order to result in a total noise including intermodulation of -108 dBm. Thus,

the PIIP3 can now be calculated as:

PIIP3 =
3PIN − PIMIN

2
(A.23)

PIIP3 =
3 ∗ (−49)− (−111)

2
(A.24)

PIIP3 =
−147 + 111

2
(A.25)

PIIP3 = −18dBm. (A.26)
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This implies on a P1dB compression point around -28 dBm. The reader can no-

tice that the NF, the SNROUT and the sensitivity must be calculated prior to the PIIP3.

Sometimes the PIMIN
is set to be equal to the integrated noise of the receiver as a rule of

thumb.

A.5 Standards for wideband operation

Recently, there has been many developments in standards focusing in wideband

operation. Up to the day of the writing of this document there was 7 standards developed

or being developed to implement either CR techniques or wideband operation. They are

listed below:

1. IEEE 802.22: this is the Wireless Regional Area Network (WRAN) standard de-

veloped by the IEEE in the USA focusing the analog TV bands, from 54 MHz to

862 MHz, and the implementation of cognitive radio techniques. The reference is

(IEEE. . . , 2011b).

2. ECMA 392: this is the standard developed by the Europeran Computer Manufac-

turing Association (ECMA) to operate in the analog TV bands from 47 MHz to 910

MHz. It is similar to the IEEE 802.22. The reference is (ECMA, 2009).

3. IEEE 802.11af: this is the WiFi standard version to allow the utilization of the

analog TV bands for WLAN operation, using CR techniques. The reference is

(IEEE. . . , 2014a).

4. IEEE 802.15.4m: this is the low data rate standard, usually known by the Zigbee

operation, but this version allows operation in the 54 MHz to 862 MHz bandwidth

of the analog TV. The reference is (IEEE. . . , 2014c).

5. IEEE 802.19.1: this standard just sets up the rules for the coexistence of local

and metropolitan area networks (LAN and MAN) in the analog TV white spaces.

This is very important given that many other standards are focusing in the same

band. There has to be some rules of coexistence between them. Refer to (IEEE. . . ,

2014b).

6. IEEE 1900.4a: this standard focus on the rules for efficient operation of white space

wireless systems. That is, if any system is to operate in the presence of white

spaces, such as all the above mentioned, there has to be some rules to optimize the

operation. The reference is (IEEE. . . , 2011a).
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7. IEEE 1900.7: this is still under development, but the focus is to support the 1900.4

standard and define radio interface specifications for white spaces dynamic spec-

trum access radio systems. The reference is (HOANG et al., 2012).

As can be seen, some very popular standards such as IEEE 802.11 and IEEE

802.15.4 have turned their attention to implement wideband and cognitive radio concepts

to profit from the analog TV bands below 1 GHz. This demands research in the Radio

Frequency (RF) circuit design field to develop transceivers capable of implementing those

standards. These standard informations date from the year 2010 to 2015 (this document

was written in 2015). There are already drafts versions of each standard, however, the last

complete versions are older. The IEEE 802.22 standard is the only one that focus uniquely

in the analog TV frequency bands and implement the cognitive radio techniques. So, from

the start, it was developed with the wideband and CR techniques in mind being optimized

in such characteristics. That’s why it was chosen to be the focus of this work. Although

all the work developed here can surely be used as a base to develop an ultra-low voltage

receiver for other standards as well.

A.6 Wideband receiver topologies

The focus of this work is to develop an ultra low-voltage wideband receiver for

the IEEE 802.22 standard. Thus, in this section some wideband receiver topologies are

analyzed and discussed in order to provide the insight for the receiver topology used in

this work.

A.6.1 The heterodyne receiver

The receiver topology aims at getting the desired signal and demodulate it to get all

the information hidden in the carrier. As the received signal is at high frequencies, direct

filtering to select the desired signal is incredibly difficult due to the high Q required in the

filter at high frequencies (the signal bandwidth is too small at high frequencies). So the

strategy is to down convert the signal to a lower frequency, say an intermediate frequency

(IF), to relax the Q required in the filter to select the desired channel. In order to carry this

strategy there are some topologies that can be used. They are called heterodyne receivers

because there is frequency translation in the process.
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The frequency translation is done by a mixer (ωRF to ωIF ) and then channel se-

lection is performed. When using a mixer one has two options: either the local oscillator

(LO) varies its frequency to have a constant IF for all channels or a constant LO will

translate each channel to a different IF. The former is used because there is no need to

a programmable filter in the IF path. The mixer, however, have an issue with the image

channel. Assuming the LO frequency, ωLO is higher than the ωRF , the image channel is

located at ωRF + 2ωIF . This image is down-converted to the same IF of ωRF , corrupting

the desired signal. If by lucky there had never a transmission in the image channel related

to the standard, that would be no problem with image rejection. Unfortunately, in prac-

tice, there is always some signal, at least noise, in the image channel of every standard.

In oder to solve the image problem, a filter can be placed before the mixer in the receiver

chain. Besides, one could think of increasing the value of ωIF so as to place the image

channel very far from the desired signal to relax the Q requirements of the image rejec-

tion filter. However, the higher the ωIF , the higher the Q of the channel selection filter

that comes afterward. So there is a clear trade-off between image rejection and channel

selection. One solution to break this trade-off is to use multiple mixers and multiple IF

frequencies in order to strongly reject image channels first and then translate again the

signal to an even lower frequency to perform channel selection. In wideband operation,

the heterodyne topology can be very useful because its image rejection filters can also

cutout the blockers, thus, relaxing the IIP2 and IP3 requirements of the complete receiver

chain. However, in the IEEE 802.22 standard, the wideband is from 54 MHz to 862 MHz,

which makes it difficult to design the image rejection filters. At the lower end of the band,

54 MHz, the fIF has to be way lower than 50 MHz to make the frequency translation

worth it. Considering an fIF = 5 MHz, for example, the image rejection filter at this end

of the band must filter the 64 MHz image out. Which is a feasible filter design. However,

maintaining a constant fIF over the complete wideband would require a very sharp filter

at the higher end of the band, i.e., the image rejection filter at 862 MHz would have to

filter the 872 MHz image out. This filter is very hard to design because of its high Q.

Therefore, the heterodyne receiver is not suited for the wideband operation of the IEEE

802.22 standard.
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A.6.2 The homodyne receiver

The homodyne receiver performs a single down-conversion but to a zero IF fre-

quency or, ideally, DC. In order to perform this, the ωLO has to be the same as ωRF , which

eliminates the problem of image channel. Actually, the desired signal itself becomes the

image. So, any asymmetries in the desired signal will corrupt itself in baseband. This

topology has become increasingly popular in the recent years due to its main advantages:

• Avoids image problems.

• Channel selection is performed by a Low-Pass Filter (LPF).

These two advantages make the design of the receiver easier. However, there are

several disadvantages that can be mitigated in the circuit design:

• LO feedthrough: the LO signal leaks to the receiver antenna and desensitize other

receivers nearby.

• LO leakage: the LO signal leaks into the receiver own input, being amplified and

demodulated into a DC signal, corrupting the SNR.

• Even order non-linearity: the intermodulation beat at ω1 - ω2 of adjacent channel

blockers fall within the band at zero IF and corrupt the SNR. This can be overcome

with a high IIP2 of the receiver.

• Flicker noise: The IF cannot be exactly zero due to the huge flicker noise presence.

It is usually of the order of kHz depending on the standard bandwidth.

The homodyne receiver is also called Direct-Conversion Receiver (DCR).

In wideband operation, the homodyne receiver proves more challenging than the

heterodyne, given all blockers pass through the entire receiver chain without any filtering.

This increases the IIP2 and IIP3 requirements of the receiver. However, if this linearity

requirements could be solved at circuit level in each block, the DCR can prove to be the

best choice, given there is no difficulty in implementing image rejection filters.

The Hartley and Weaver topologies were neglected due to their complexity to re-

ject the image channel. They actually work, however, do not prove worth it upon a DCR.

In this work, the DCR topology has been chosen due to the possibility to solve the

linearity requirement challenge at circuit level and the infeasibility of the design of the

heterodyne receiver image rejection filters.
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APPENDIX B — RF BASIC CONCEPTS

Most of the basic concepts described here, including pictures, are taken from the

book RF Microelectronics 2nd Edition of Behzad Razavi.

B.1 Effects of Nonlinearity

In this section, phenomena that are not predicted by small signal models are de-

scribed. For a memoryless system whose input/output characteristic can be approximated

by

y(t) ≈ α1x(t) + α2x
2(t) + α3x

3(t) (B.1)

This should not be considered as Taylor’s series expansion, but rather a fit across

the signal swings of interest. The nonlinearity effects described here are mainly due to

the third order (odd order). The second order (even order) also manifests itself, however

they are generally negligible, being taken into account only in certain types of receiver

architectures such as direct conversion.

B.1.1 1 dB Compression Point

Ifa sinusoid is applied to a nonlinear system, the output generally exhibits fre-

quency components that are integer multiples of the input frequency. In B.1, if x(t) =

Acosωt, then

y(t) = α1Acosωt+ α2A
2cos2ωt+ α3A

3cos3ωt

= α1Acosωt+
α2A

2

2
(1 + cos2ωt) +

α3A
3

4
(3cosωt+ cos3ωt)

=
α2A

2

2
+

(
α1A+

3α3A
3

4

)
cosωt+

α2A
2

2
cos2ωt+

α3A
3

4
cos3ωt (B.2)

The small-signal gain of circuits is usually obtained with the assumption that har-

monics are negligible. However, a formulation of harmonics, as expressed by B.2, in-
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dicates that the gain experienced by Acosωt is equal to a1 + 3a3A
2/4 and hence varies

appreciably as A becomes larger.

Returning to the third-order polynomial in B.1, one notes that if a1a3> 0, then

a1x + a3x
3 overwhelms a2x2 for large x regardless of the sign of a2, yielding an “ex-

pansive” characteristic (Fig. B.1). For example, an ideal bipolar transistor operating in

the forward active region produces a collector current in proportion to exp(VBE/VT ), ex-

hibiting expansive behavior. On the other hand, if a1a3<0, the term a3x
3 “bends” the

characteristic for sufficiently large x (Fig. B.1), leading to “compressive” behavior, i.e., a

decreasing gain as the input amplitude increases. For example, the differential pair suffers

from compression. Since most RF circuits of interest are compressive, this text focus on

this type.

Figure B.1: Expansive and compressive characteristics. Source: (RAZAVI, 2011).

With a1a3<0, the gain experienced by Acosωt in B.2 falls as A rises. This effect is

quantified by the “1-dB compression point”, defined as the input signal level that causes

the gain to drop by 1 dB. If plotted on a log-log scale as a function of the input level,

the output level, Aout, falls below its ideal value by 1 dB at the 1-dB compression point,

Ain,1dB (Fig. B.2). Note thatAin andAout,1dB are voltage quantities here, but compression

can also be expressed in terms of power quantities. The 1-dB compression may also be

specified in terms of the output level at which it occurs, Aout,1dB. The input and output

compression points typically prove relevant in the receive path and the transmit path,

respectively.

To calculate the input 1-dB compression point, one can equate the compressed

gain, α1 + (3α3/4)A2
in,1dB, to 1 dB less than the ideal gain, a1:

20log

∣∣∣∣α1 +
3

4
α3A

2
in,1dB

∣∣∣∣ = 20log|α1| − 1dB (B.3)

It follows that:

Ain,1dB =

√
0.145

∣∣∣∣α1

α3

∣∣∣∣ (B.4)
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Note that B.4 gives the peak value (rather than the peak-to-peak value) of the input.

Also denoted by P1dB, the 1-dB compression point is typically in the range of -20 to -25

dBm (63.2 to 35.6 mVpp in 50 Ω system)at the input of RF receivers.

Figure B.2: Definition of 1-dB compression point. Source: (RAZAVI, 2011).

B.1.2 Harmonic Distortion

From Fourier series theory, a periodic signal can be expanded as a sum of sines

and cosines:

f(t) = b0 +
∞∑
n=1

bncos(nωt) + cnsin(nωt) (B.5)

If the function f(t) is even (f(t) = f(-t)), then, cn = 0 for all n. Considering an ordi-

nary transfer function Vsa f(vin), it can be turned into an even function if vin = Vin,Acosωt.

This leads to a simplification in the Fourier series, and the output is given by:

Vsa = b0 + b1cosωt+ b2cos(2ωt) + ... (B.6)

Based on this, harmonic distortion can be defined. The harmonic distortion of nth

order is the ratio of the nth order harmonic amplitude and the fundamental amplitude:

HDn =
|bn|
|b1|

, n > 2 (B.7)

Also, total harmonic distortion, THD, is defined as:
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THD =

√∑∞
n=2 b

2
n

|b1|
=

√√√√ ∞∑
n=2

HD2
n (B.8)

B.1.3 Intermodulation

If two interferers at ω1 and ω2 are applied to a nonlinear system, the output gener-

ally exhibits components that are not harmonics of these frequencies. Called “intermod-

ulation” (IM), this phenomenon arises from “mixing” (multiplication) of the two compo-

nents as their sum is raised to a power greater than unity. To understand how Eq. B.1

leads to intermodulation, assume x(t) = A1cos ω1t. Thus,

y(t) = α1(A1cosω1t+ A2cosω2t) + α2(A1cosω1t+ A2cosω2t)
2 (B.9)

+ α3(A1cosω1t+ A2cosω2t)
3 (B.10)

Expanding the right-hand side and discarding the dc terms, harmonics, and com-

ponents at ω1 ± ω2, the following “intermodulation products” is obtained:

ω = 2ω1 ± ω2 :
3α3A

2
1A2

4
cos(2ω1 + ω2)t+

3α3A
2
1A2

4
cos(2ω1 − ω2)t (B.11)

ω = 2ω2 ± ω1 :
3α3A1A

2
2

4
cos(2ω2 + ω1)t+

3α3A1A
2
2

4
cos(2ω2 − ω1)t (B.12)

(B.13)

and these fundamental components:

ω = ω1, ω2 : (α1A1 +
3

4
α3A

3
1 +

3

2
α3A1A

2
2)cosω1t (B.14)

+ (α1A2 +
3

4
α3A

3
2 +

3

2
α3A2A

2
1)cosω2t (B.15)

Fig. B.3 illustrates the results. Among these, the third-order IM products at 2ω1-

ω2 and 2ω2-ω1 are of particular interest. This is because, if ω1 and ω2 are close to each

other, then 2ω1-ω2 and 2ω2-ω1 appear in the vicinity of ω1 and ω2.
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Figure B.3: Generation of various intermodulation components in a two-tone test. Source:
(RAZAVI, 2011).

B.1.4 Third order intercept point - IIP3

A common method of IM characterization is the “two tone” test, whereby two

pure sinusoids of equal amplitudes are applied to the input. The amplitude of the output

IM products is then normalized to that of the fundamentals at the output. Denoting the

peak amplitude of each tone by A, we can write the result as:

RelativeIM = 20log

(
3

4

α3

α1

A2

)
dBc (B.16)

where the unit dBc denotes decibels with respect to the “carrier” to emphasize the

normalization. Note that, if the amplitude of each input tone increases by 6 dB (a factor

of two), the amplitude of the IM products (∝A3) rises by 18 dB and hence the relative IM

by 12 dB (it is assumed that no compression occurs so that the output fundamental tones

also rise by 6 dB).

The principal difficulty in specifying the relative IM for a circuit is that it is mean-

ingful only if the value of A is given. From a practical point of view, it is preferred a

single measure that captures the intermodulation behavior of the circuit with no need to

know the input level at which the two-tone test is carried out. Fortunately, such a measure

exists and is called the “third-order intercept point” (IP3).

The concept of IP3 originates from the earlier observation that, if the amplitude

of each tone rises, that of the output IM products increases more sharply (∝ A3). Thus,

if we continue to raise A, the amplitude of the IM products eventually becomes equal to

that of the fundamental tones at the output. As illustrated in Fig. B.4 on a log-log scale,

the input level at which this occurs is called the “input third-order intercept point” (IIP3).

Similarly, the corresponding output is represented by OIP3. In subsequent derivations,

the input amplitude is going to be denoted as AIIP3.
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Figure B.4: Definition of IP3 (for voltage quantities). Source: (RAZAVI, 2011).

To determine the IIP3, one simply equate the fundamental and IM3 amplitudes:

|α1AIIP3| =
∣∣∣∣34α3A

3
IIP3

∣∣∣∣ (B.17)

obtaining

AIIP3 =

√
3

4

∣∣∣∣α1

α3

∣∣∣∣ (B.18)

Interestingly,

AIIP3

A1dB

=

√
4

0.435
≈ 9.6dB (B.19)

This ratio proves helpful as a sanity check in simulations and measurements (note

that this relationship holds for a third-order system and not necessarily if higher-order

terms manifest themselves).

B.1.4.1 Cascaded Nonlinear Stages

Since in RF systems, signals are processsed by cascaded stages, it is important to

know how the nonlinearity of each stage is referred to the input of the cascade. For the

sake of brevity, the input IP3 is denoted by AIP3 unless otherwise noted.

Consider two nonlinear stages in cascade (Fig. B.5). If the input/output character-

istics of the two stages are expressed, respectively, as

Figure B.5: Cascaded nonlinear stages. Source: (RAZAVI, 2011).
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y1(t) = α1x(t) + α2x
2(t) + α3x

3(t) (B.20)

y2(t) = β1y1(t) + β2y
2
1(t) + β3y

3
1(t) (B.21)

then,

y2(t) = β1[α1x(t) + α2x
2(t) + α3x

3(t)] + β2[α1x(t) + α2x
2(t) + α3x

3(t)]2

+ β3[α1x(t) + α2x
2(t) + α3x

3(t)]3 (B.22)

Considering only the first and third-order terms,

y2(t) = α1β1x(t) + (α3β1 + 2α1α2β2 + α3
1β3)x

3(t) + ... (B.23)

Thus, from B.18,

AIP3 =

√
4

3

∣∣∣∣ α1β1
α3β1 + 2α1α2β2 + α3

1β3

∣∣∣∣ (B.24)

Equation B.24 leads to more intuitive results if its two sides are squared and in-

verted:

1

A2
IP3

=
3

4

∣∣∣∣α3β1 + 2α1α2β2 + α3
1β3

α1β1

∣∣∣∣
=

3

4

∣∣∣∣α3

α1

+
2α2β2
β1

+
α2
1β3
β1

∣∣∣∣
=

∣∣∣∣∣ 1

A2
IP3,1

+
3α2β2
2β1

+
α2
1

A2
IP3,2

∣∣∣∣∣ (B.25)

where AIP3,1 and AIP3,2 represent the input IP3’s of the first and second stages,

respectively. Note that AIP3, AIP3,1 and AIP3,2 are voltage quantities.

The key obsevation in B.25 is that to “refer” the IP3 of the second stage to the

input of the cascade, one must divide it by α1. Thus, the higher the gain of the first stage,

the more nonlinearity is contributed by the second stage.
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B.2 Noise

Noise is a signal whose instantaneous value is unpredictable. It comes from the

probabilistic phenomena of charge carriers within electronic circuits. Its quantitative anal-

ysis is made through the use of statistics, considering most of the time its squared mean

value or RMS value.

For electronic circuits purposes a good approximation is to consider the noise

sources uncorrelated and the circuit linear, so that the superposition principle can be ap-

plied. Thus, one can evaluate the impact of each noise source separately at the output and

sum all the effects to get the final result.

B.2.1 Noise sources

There are four main noise sources in eletronic circuits. Their circuit model is

usually taken as electrical currents, which can also be turned into voltage, as shown below:

1. Shot noise→ i2noise = 2qIBIAS∆f;

2. Thermal noise→ i2noise = 4kT 1
R

∆f;

3. Flicker noise→ i2noise = K1
IBIAS

fb
∆f;

4. Popcorn→ i2noise = K2
IBIAS

1+( f
fc

)
2 ∆f;

Where T is temperature, k is the boltzmann constant, ∆f is the frequency band of

interest, q is the electron’s charge, R is the resistance and K is a constant. In this work,

all transistors used were MOSFET, so thermal and flicker noises were dominant and the

others neglected. For MOSFET flicker noise expression refer to appendix B.

B.3 Scattering Parameters

Microwave theory deals mostly with power quantities rather than voltage or cur-

rent quantities. Two reasons can explain this approach. First, traditional microwave de-

sign is based on transfer of power from one stage to the next. Second, the measurement

of high-frequency voltages and currents in the laboratory proves very difficult, whereas

that of average power is more straightforward. Microwave theory therefore models de-

vices, circuits and systems by parameters that can be obtained through the measurement
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of power quantities. They are called “scattering parameters” (S-parameters).

Figure B.6: Illustration of incident and reflected waves at the input and output. Source:
(RAZAVI, 2011).

For a given 2-port network (can be generalized to n-port network), Fig. B.6, the

incident and reflected waves at the input port are denoted by V +
1 and V −1 , respectively.

Similar waves are denoted by V +
2 and V −2 , respectively, at the output. Note that V +

1

denotes a wave generated by vin as if the input impedance of the circuit were equal to RS

(source resistance). Since that may not be the case, it’s included the reflected wave, V −1 ,

so that the actual voltage measured at the input is equal to V +
1 +V −1 . Also, V +

2 denotes the

incident wave traveling into the output port or, equivalently, the wave reflected from RL

(load resistance). These four quantities are uniquely related to one another through the

S-parameters of the network:

V −1 = S11V
+
1 + S12V

+
2 (B.26)

V −2 = S21V
+
1 + S22V

+
2 (B.27)

Figure B.7: Illustration of four S-parameters. Source: (RAZAVI, 2011).

For S11, according to Fig. B.7,

S11 =
V −1
V +
1

|V +
2 =0 (B.28)
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Thus, S11 is the ratio of the reflected and incident waves at the input port when the

reflection from RL is zero. This parameter represents the accuracy of the input matching.

For S12,

S12 =
V −1
V +
2

|V +
1 =0 (B.29)

Thus, S12 is the ratio of the reflected wave at the input port to the incident wave

into the output port when the input port is matched. In this case, the output port is driven

by the signal source. This parameter characterizes the “reverse isolation” of the circuit.

For S22,

S12 =
V −2
V +
2

|V +
1 =0 (B.30)

Thus, S22 is the ratio of reflected and incident waves at the output when the reflec-

tion from RS is zero. This parameter represents the accuracy of the output matching.

For S21,

S12 =
V −2
V +
1

|V +
2 =0 (B.31)

Thus, S21 is the ratio of the wave incident on the load to that going to the input

when the reflection from RL is zero. This parameter represents the gain of the circuit.

The condition V +
2 = 0 requires that the reflection from RL be zero, but it does not

mean that the output port of the circuit must be conjugate matched to RL. This condition

simply means that if, hypothetically, a transmission line having a characteristic impedance

equal to RS carries the output signal to RL, then no wave is reflected from RL. A similar

note applies to the requirement V +
1 = 0. The conditions V +

1 = 0 at the input or V +
2 = 0

at the output facilitate high-frequency measurements while creating issues in modern RF

design. Which typically does not strive for matching between stages. Thus, if S11 of the

first stage must be measured with RL = RS at its output, then its value may not represent

the S11 of the cascade.

In modern RF design, S11 is the most commonly used S-parameter as it quantifies

the accuracy of impedance matching at the input of receivers. Consider the arrangement

shown in Fig. B.8, where the receiver exhibits an input impedance of Zin. The incident

wave V +
1 is given by Vin/2 (with Zin = RS). Moreover, the total voltage at the receiver

input is equal to VinZin/(Zin +RS), which is also equal to V +
1 +V −1 . Thus,
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V −1 = Vin
Zin

Zin +RS

− Vin
2

(B.32)

=
Zin −RS

2(Zin +RS)
Vin (B.33)

It follows that

V −1
V +
1

=
Zin −RS

Zin +RS

(B.34)

Called the “input reflection coefficient”, this quantity can also be considered to be

S11 if the condition V +
2 = 0 is removed.

Figure B.8: Receiver with incident and reflected waves. Source: (RAZAVI, 2011).

B.4 Stability

The LNA must remain stable for all source impedances at all frequencies. One

may think that the LNA must operate properly only in the frequency band of interest and

not necessarily at other frequencies, but if the LNA begins to oscillate at any frequency, it

becomes highly nonlinear and its gain is very heavily compressed.

In the presence of a front-end band-select filter, the LNA sees smaller changes in

the source impedance. A parameter often used to characterize the stability of circuits is

the “Stern stability factor”, defined as

K =
1 + |∆|2 − |S11|2 − |S22|2

2|S21||S12|
(B.35)

where ∆ = S11S22 − S12S21. If K > 1 and ∆<1, then the circuit is unconditionally

stable, i.e., it does not oscillate with any combination of source and load impedances.

In modern RF design , on the other hand, the load impedance of the LNA (the input



175

impedance of the on-chip mixer) is relatively well-controlled, making K a pessimistic

measure of stability. Also, since the LNA output is typically not matched to the input of

the mixer, S22 is not a meaningful quantity in such an environment.
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APPENDIX C — MOS TRANSISTOR SMALL SIGNAL MODELS

In this chapter, the transistor models and noise sources considered in hand calcu-

lations are presented. The whole project of the LNA was initially calculated by hand and

then adjusted in simulations using Cadence Virtuoso environment.

C.1 Low Frequency and High Frequency Models

The low frequency model used in hand calculations is shown in Fig. C.1. This

model was used to calculate small signal gains of each transistor at low frequencies.

Figure C.1: Low frequency model used for hand calculations. Source: (RAZAVI, 2011).

gmvinvin

+

−

vout

The large signal model has the same shape, putting a quadratic current source

instead of a linear one. The rds was not taken into account because it was not necessary.

As most hand calculations were done using approximated expressions, the aim was to

figure out how to minimize noise figure with the best IIP3 possible. The inclusion of rds

would not change the main results, leading only to more complicated calculations.

Figure C.2: High frequency model used for hand calculations. Source: (RAZAVI, 2011).

CGS gmvin

CDG

vin vout

The high frequency model used in hand calculations is shown in Fig. C.2. The

difference from the low frequency model is the inclusion of the parasitic capacitances

CGS and CDG. This is also a simple model, however this was enough for the purpose of

this work.
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C.2 Noise Sources

Only the main noise sources of the MOSFET were considered, i.e., the flicker

and thermal noise. This work aimed to cancel thermal noise of the main amplifier and

optimized the flicker noise of the first stage in the cascaded auxiliary amplifier. It is

showed below the power spectral density for each type of noise.

C.2.1 Flicker Noise

The flicker noise equation used in hand calculations was:

i2n,flicker =
Kg2m
CoxWL

(C.1)

This equation shows the stronger dependance on gm than on W*L.

C.2.2 Channel Thermal Noise

The channcel thermal noise equation used in this work was:

i2n,thermal = 4kTγgm (C.2)

Where k is the boltzmann constant, T is temperature, γ is 2/3 for long-channel

transistors and may need to be replaced by a larger value for submicron MOSFETs. The

theoretical determination of γ is still under active research.
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